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Abstract

This dissertation presents a general methodology for the analysis of crosstalk
noise and a test generation framework for crosstalk fault. Our goal is to enable more
aggressive designs, decrease redesign effort, and ensure a higher quality of chips shipped

L0 customers.

We first focus on developing an understanding of types of crosstalk effects and
their dependence on circuit parameters, signal timing and process variations. Closed form
equations quantifying the dependence of crosstalk effects on circuit parameters are
presented. By differentiating these equations new design corners can be identified for
validation of designs that have significant crosstalk effects. We also show that crosstalk
effects can be significantly aggravated by variations in the fabrication process. The results
of our analysis provide conditions that must be satisfied by a sequence of vectors used for
validation of designs as well as post-manufacturing testing of devices in the presence of

significant crosstalk.

We present a test generation framework to efficiently and accurately generate two-
vector tests for crosstalk effects, such as pulses, signal speedup and slowdown, in digital
combinational circuits. Several new techniques have been developed including new
models for a CMOS inverter, methods to calculate inverter output response for pulse
inputs, a method for collapsing CMOS gates into equivalent inverters, and a piece-wise

linear model for pulses. These techniques were integrated into a mixed-signal test



generator that incorporates classical static values as well as dynamic signals such as
transitions and pulses. In addition, this ATPG algorithm includes the concept of gate
delay and timing information such as signal arrival time, and rise/fall times. Conditions
for the creation of the worst-case coupling and propagation of a crosstalk effect are
presented. We also present a new analog cost function that is used to guide the search
process. By using the path delay information obtained in circuit preprocessing and/or the
analog cost function, preferred paths can be selected during the backtrace as well as
propagation process. Comparison of results with SPICE simulations confirms the
accuracy of this approach, and experimental results show that the method can be applied
to circuits with reasonable sizes.

In the future. our test generation framework can be extended in several aspects to
improve and/or optimize the test generation process. The capability of our APTG can be
extended to deal with (a) more general CMOS gates, (b) different types of logic including
dynamic gates and latches, (c) multiple crosstalk effects, and (d) techniques to automate

the process of target fault extraction.
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Chapter 1

Introduction

The dramatic increase in signal switching speed and density of integrated circuits
leads to challenging design and test problems. The problem addressed by this dissertation
are motivated by three area of changes, namely (1) the emergence of deep sub-micron
technology, (2) high clock rates, and (3) short signal rise and fall times. These changes
have made interconnection lines that were once considered to be electrically isolated now
interfere with each other and have an important impact on system performance and
correctness. One such interaction caused by parasitic coupling between wires is known as
crosstalk, and many advanced systems do not achieve optimum performance because the

impact of the crosstalk noise has been underestimated.

Crosstalk has always existed but was not of major concern for micron-level (i.e.
feature size >lum) technologies. Continuous advancements in the field of VLSI have lead
to a decrease in device geometry (deep sub-micron technology). This makes cross-
coupling capacitance between adjacent wires increasingly significant. At higher clock
rates both clock and signal transitions must be very short, thus leading to small values of
rise (fall) time t, (t7). and hence CdV/dt values in a circuit increase. In addition. due to the
consideration of power consumption, reduction of the power-supply voltage results in

reduced noise margins. Hence crosstalk effects become more severe.



Crosstalk noise may cause undesirable effects including excessive overshoot,
undershoot, glitches, additional signal delay (slowdown) and even a reduction in signal
delay (speedup)[30]. If these anomalies are sufficiently large, they can propagate to a
storage element and create a permanent error. For example, many high performance
circuits make extensive use of pipelines, shallow logic blocks between storage elements,
dynamic gates, latches instead of flip-flops, single phase clocking, and performance based
logic design. The net result is that the timing margins between clocked elements are
small. Hence delay must be well controlled and budgeted. Because crosstalk can
adversely affect signal delay, coupling effect must be correctly handled to guarantee
correct circuit operation. Thus the delay time for each combinational block must include
the signal skews due to crosstalk. Also, the setup and hold times for latch elements must
include the clock skews due to crosstalk. There is also a trend toward the increased use of
asynchronous circuits. Such circuits are event-driven and should be hazard-free. Since
crosstalk can induce a pulse on a circuit line, a new source of errors must be considered.
If not carefully considered during design validation, crosstalk can produce logic errors in
such circuits.

Current trends in integrated circuit design indicate that signal noise and skew due
to crosstalk create severe design and test problems. These problems are further
aggravated by variations in the fabrication process [21]. If it were not for process
variations and stringent area and performance constraints, an error due to crosstalk
observed during validation could be eliminated by re-routing signals or redesign [24].

However, redesign may be very expensive in terms of design effort and its impact on a

2



product’s schedule. In addition, with process variations and aggressive design goals, it
may not always be possible to eliminate all noise effects at all worst case design and

fabrication corners.

An alternative is to develop techniques to generate tests for crosstalk. The
resulting tests can be applied to each manufactured chip, and chips in which crosstalk
does not cause any error will pass and be shipped to customers, while chips where
crosstalk causes an error will be discarded. In other words, designers can either choose to
eliminate potential errors caused by crosstalk via redesign, or detect crosstalk faults
during post-manufacturing testing. Such a choice is often made in favor of living with the
flaw when there is a time-to-market issue; a design change can be made in a future
release. By providing such an alternative, test generation for crosstalk will enable more
aggressive design, decrease re-design effort, and/or enable more comprehensive post-
manufacturing testing.

Thus, accurate modeling and simulation of signal pulses and delay due to
crosstalk is becoming increasingly important, and testing for severe process aggravated
crosstalk effects is necessary to ensure the correct functionality of fabricated chips. One
end product of our research will be a mixed-signal test generator that generates high

quality tests for crosstalk induced errors (faults).

The remainder of this chapter is devoted to a review of crosstalk effects and a
number of crosstalk models. It also provides a brief description of existing test generation
techniques for crosstalk noise. Finally, the motivation and organization of this

dissertation are given.



1.1 Crosstalk effects

First we will illustrate a few examples of crosstalk effects and how crosstalk can
create circuit problems. There are two types of crosstalk effects, namely, crosstalk pulse
and crosstalk delay. Crosstalk delay can be further divided into crosstalk speedup and
crosstalk slowdown effects. A crosstalk pulse occurs due to the coupling between a
circuit line having a signal transition and a line which is holding a steady value. For
example, for the basic coupling circuit structure in Figure 1.1(a), a falling transition on
line |, can cause a pulse at line |, which should ideally hold a steady 1 value, as shown in
Figure 1.1(b). Crosstalk delay occurs when both lines have transitions in the same clock
cycle. If |, and |, have transitions in the opposite directions, then each transition will occur
later in time, compared to the situation where only one line is in transition, leading to
crosstalk slowdown as shown in Figure 1.1(c). If |, and |, have transition in the same
direction, then both transitions will occur sooner, leading to crosstalk speedup, as

depicted in Figure 1.1(d).
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Figure 1.1 Crosstalk effects: (a) basic structure of circuit; (b) crosstalk pulse; (c¢) crosstalk
slowdown; (d) crosstalk speedup.

Crosstalk noise can create logic errors during operation. Consider a pulse created
on L2 in Figure 1.2(a). If this pulse is applied to an input of a dynamic NAND gate and
all other inputs of the evaluation logic are at logic value 1, then the output may be
accidentally discharged. Since the charge lost cannot be restored in the evaluation phase.
this leads to a degraded voltage at the gate’s output. If the degradation is substantial it

may lead to a logic error. Also a degraded voltage on a line can be regarded as a weak 1
which may slowdown the operation speed of a gate in the line’s fanout.

In Figure 1.2(b) a crosstalk pulse may trigger an un-wanted PRESET of a flip-flop
causing data to be loss and hence an error. Similarly, if the line with a large crosstalk
pulse is connected to the clock input of the flip-flop (not shown in the figure), then this

pulse can be intrepreted as an additional clock pulse and cause the flip-flop to latch



erroneous data. Another example of a crosstalk pulse causing an error is shown in Figure
[.2(c). In a dense memory design, data lines usually run in parallel for long distances. If
the coupling is sufficient, a signal transition on a data line can create a significant
crosstalk pulse on an adjacent data line. Since the word line is enabled for the entire row,
the crosstalk pulse may damage the content of a neighbor memory cell.

Finally. consider the circuit shown in Figure 1.2(d). If a signal is late to arrive due
to crosstalk (both signals switch in the opposite direction) and this signal is propagated
along a path that has a small delay slack, then a flip-flop setup time violation may occur

and cause an erroneous logic value to be latched in the flip-flop.
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Figure 1.2 (a)-(c) Errors causes by crosstalk pulse (d) error caused by crosstalk delay.



1.2 Review of crosstalk models

1.2.1 Symmetric transmission line model

The modeling and analysis of crosstalk between interconnection lines have
previously received considerable attention. Most crosstalk transient analysis techniques
model interconnects as micro-strip lines and utilize the well-known multi-conductor
transmission line theory [1]. The analysis of coupled lossy transmission lines has been
considered by several authors [2], [3], [4], [5]. [6]. Numerical methods to solve a model
of lossy transmission lines in the time domain have been proposed in [7], [8]. Simulation
models for interconnects and crosstalk were reported in [9], [10]. Non-linearity of the
source and load networks, not addressed in these papers, were considered in [15]. [16].

[17].[18].

A typical transmission line model is shown in Figure 1.3. The interconnection line
can be modeled as a transmission line driven by a unit step voltage source V; having
resistance Ry, loaded by the capacitive load C;, and coupled to adjacent lines by mutual
capacitance and conductance. The resistance R, is determined by the dimensions of the
driving transistor, and the load impedance consists of the gate capacitance of the

transistor loading the interconnection line.
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Figure 1.3 Transmission line model.

The transmission line equations are give by

%V(x,t) = —[R + L%} I(x,1)

%1(.\-,;) = —[G + C%]V(.V‘IJ

(1-1)

(1-2)

where L and C are the inductance and capacitance per unit length of the

domain, equation (1-1) and (1-2) can be written as

iV(x, s)=—[R+sL]I(x,s)
ox

9 I(x.5) =[G + sCV(x,5).
ox

interconnections, R is the resistance per unit length, G is the conductance determined by
the isolation material, and x is the incremental length of the transmission line. The

following analysis of the transmission line is similar to that presented in [1]. In the s

(1-3)

(1-4)



LetZ=R +sLand Y = G + sC, equations (1-3) and (1-4) can be solved in the s

domain, yielding

V(x.s)=e VT OV (g) 4 VT Oy (), (1-5)
Y | -
I(x.5)= E[e‘m“'\a (5)—e POy (5], (1-6)

where D is the total length of the transmission line, Vi(s) is the voltage vector of

the incident wave at x = 0. and V(s) is the voltage vector of the incident wave at x = D.
The boundary conditions at the endpoints, i.e., x =0 and x = D, are

V(0.5)=V.(s)—R.I(0,s),

and V(D..‘;’)=L[(D.S).
$€,

Solving for Vi(s) and V,(s), we get

= =1
Y [ zvo 1 Y 1 Y ¥ l
Vi) =V (s)4— Py [l = Skinl il — = = Tl |
-8 “(g){ [HR“\}Z][C) {l sCLVZ} [H.s-c,_\’z}{l R"\Iz}[emn“ ’

and

-1
V(s)=—| 7P —, Jze"’rﬁ” 1+—~1 VTP Y (s).
sC, V2 8C;

The values for Vi(s) and V,(s) can be substituted into equation (1-5) and (1-6) to

obtain expressions for the current and voltage at x = 0 and x = D in the s domain. That is,

V(0.5)=V.(s)+e VPV (s),



V(L,s)=e VPPV (5)+ V. (s).

On the line to which the voltage source Vj is applied, V(D, s) is the voltage at the

load capacitance. On the other line where V; is not applied (i.e. the line held at constant

value), V(D. s) represents the induced crosstalk voltage at its load capacitance.

In principle the time domain response can be obtained by the inverse Laplace

transformation. If F(s) denotes the Laplace transform of f(t), then

F(s)= j (e dt.
[}

Let h(t) be an approximation of f(t). It has been shown [35] that h(t) is given by
f@0)=h(t)-EQ),

where

_1]F@ < L kmt 21N [ZIN N
h(:)_F{ = +§(Re[r(a+ = )}cos( 7 ) Im[F(a+ = )]sm( - )]}

—

and the error term E(t) is shown to be bounded by

eﬁr
E(I) < M{m}

where t is in the interval (0, 2T), 1/T is the sampling frequency, M is a constant,

and B is related to f(t) such that f(t) is an exponential of order a, i.e. [f(t)] < Ce™.

Numerical computations show that if we apply the inverse Laplace transformation

directly, the summation converges very slowly. Different numerical algorithm may speed
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up the evaluation process, but a compromise must be made between accuracy and

computation time.

Although the above techniques are very effective for some specific cases. they
provide little general insights into the coupling mechanism. In addition, the circuit
geometry analyzed is usually assumed to be symmetric, e.g., a BUS, with identical
drivers, wires, and loads. If unbalanced circuit structures are assumed, the resulting
equations will be much more complicated and the computation time will increase

dramatically. Hence these techniques are often not applicable to VLSI circuits.

1.2.2 Distributed models

Reduced-order modeling techniques have become an important method for
analyzing linear interconnect networks. RLC analysis has often been used to analyze
clock trees, power busses, off-chip interconnects and clock skews. Similar approaches

have been used to study coupling noise [39], [40], [41], [42].

In these approaches, a reduced-order modeling approach that allows for passive
multi-port reduction of RC netlists as impedance macro-models while preserving the
symmetric and sparsity of the state matrices has been proposed. The interconnection
netlists were formulated using modified nodal analysis. The modified nodal analysis
actually regards the interconnection netlists as finite distributed elements. The system of
equations can be transformed into the Laplace domain and solved using Arnoldi [43] and

Lanczos algorithms [44]. The macro-models are then employed to perform coupling
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analysis with timing constraints to limit pessimism in the analysis. To perform the
coupled noise calculation, the interconnect netlists are identified as the primary net where
the noise was calculated (i.e., the victim line) and the secondary net (i.e., the affecting
line) with significant coupling to the primary net. Couplings between the secondary net to
nets other than the primary net are grounded and considered as load capacitance. Then the
reduced-order modeling technique is applied and the modified nodal analysis used in the
coupling noise calculation. Next, appropriate voltage sources are applied to the primary
and secondary nets to excite the coupling noise. To calculate the worst possible noise at
the primary net receiver, all pulses from different secondary nets are aligned and the
superposition principle is applied to add up the peak voltages.

Although the principle advantage of the implicit techniques, such as the Arnoldi
and Lanczos algorithms, is their natural extension to multiple-input, multiple-output
systems where coupled networks can be analyzed, the time domain response of these
algorithms still needs numerical evaluations with high computation complexity. The
accuracy of the distributed model approach depends on the number of distributed
elements considered. If the number of distributed elements is small, then the accuracy
may not be satisfactory. But if the number of distributed elements is large, then the time

complexity is high and may not be applicable to large circuits.



1.2.3 Simplified lumped model

In [11]. [12], a simplified lumped RC model for crosstalk between a pair of
coupled lines was proposed and the case is analyzed where the input to one line is held
constant while the other has a step transition. Although the lumped model is less accurate
than the transmission line model, it is feasible to obtain some insight into dependency on
circuit parameters and the derived closed-form analytic equations lead to computationally

tractable solutions.

Consider the simplified model of capacitive coupling shown in Figure |.4. Here
lumped capacitance are considered and other parasitic couplings are neglected. The
affecting line A is assumed to have a falling transition with fall time t;. Cag and Cyg are
the wire to ground capacitances of line A and line V, respectively. Cay is the lumped
coupling capacitance between line A and line V. To have a negative crosstalk pulse at
line V. line V is held at logic level | through an active impedance Ryy (PMOS transistor

of the line driver).

Vop

| Ryy

Figure 1.4 Simplified capacitive coupling model.



If the falling transition on line A is assumed to follow a linear slope going from

Vpp to GND, the behavior of the line V voltage is given by

CovRoy CoRiv  ( rmncs
" (t):(lw%}jﬂo E “, “Vop (" s ) Jor O=r=t,

f !
Vo (1) =V, )+ (Vi = Vi (2, ))(1 g "W ) for t>1,

where Cp = Cyg+Cayv.

From these equations the maximum deviation AVy of voltage Vy due to the

falling edge of V 4, and the duration of the perturbation (Vy<Vpp/2) At can be derived as

(AVy)

max

Cai 1 o
=Vpp C:“ E(l“f ),

T

(20,1

where S = (t/RyvCr).
In this case, the crosstalk effect manifests as a pulse on the line whose input is
held constant, i.e., line V.

An analogous analysis for speedup and slowdown has not been made.
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1.3 Existing test generation techniques for crosstalk noise

Logic level crosstalk fault models and PODEM based ATPG algorithms were
presented in [11], [33]. [36], [37]. In [11]. the effect of the parasitic coupling was
modeled as a logic pulse of width 8. An algorithm was presented for the detection of
crosstalk induced signals considering several new logic values to represent a pulse. The
set of logic values used in the algorithm are: 0 (logic 0), 1 (logic 1), X (undetermined), PO
(inverted pulse). P1 (non-inverted pulse), TU (rising transition), TD (falling transition),
TUD (TU delayed signal), TDD (TD delayed signal), and a complementary set of the
above associated with hazards. With these values, an algorithm based on PODEM was
implemented. In that work, the limitation of propagation of the crosstalk signals was not
considered, i.e., it has assumed that crosstalk signals were always strong enough to
propagate to the primary outputs of the circuit. This model characterizes crosstalk effects
as static hazards having a full voltage swing, and results in an overestimation of noise.
Since crosstalk is a finite energy transient effect, test vectors generated using this model
may not be able to actually propagate the noise to POs or flip-flops because of the inertia

inherent to gates.

A more realistic model considering both width W and amplitude H of the
coupling signal has been proposed [12], [36], and calculations on the number of gates that
the pulse can penetrate were made. This model characterized a crosstalk signal as a
square voltage pulse with an appropriate amplitude and width such that it is a more
realistic model of a pulse, especially with respect to its propagation capabilities. In [12],

an upper bound approach was used with the concept of covering signals. This concept

15



stated that a signal A covering another signal B will have a propagation capability greater
than that of signal B. However, this upper bound is usually much greater than the actual
propagation capability of the crosstalk signal. Therefore in [36] a modification was made
by considering the width of the crosstalk signal as the time interval between the points
where the signal passes the logic threshold of gates, taken to be Vpp/2. Then a penetration
depth was defined in the following way. Given an ideal pulse with amplitude H and width
W. the penetration depth is the maximum number of logic stages, k. such that the
crosstalk signal produced at the output of the last stage has an amplitude greater than the
logic threshold. The penetration depth can be used to determine whether or not a crosstalk
signal is able to cause a logic effect at the output of a circuit, depending on the number of

gates it has to traverse from the node where the signal was first produced.

Two algorithms for generating test vectors for crosstalk based on PODEM that
take into account penetration depth have been proposed [36], [37]. In both algorithms a
conventional 5-value logic (0, 1, X, D, D-Bar) was used, where D and D-bar represent the
inverted and non-inverted spurious signals, respectively. It was assumed that a layout
extractor existed, and was capable of identifying nodes where crosstalk can appear and
calculating the corresponding penetration depth of crosstalk signals. The output of such
an extractor was assumed to be a list of pairs of nodes, each of which was associated with
a number representing the penetration depth of the crosstalk originated at that node. If at
any time during the execution of these algorithms the number of gate levels that a
crosstalk signal has propagated is greater than the penetration depth of that crosstalk

signal, the propagation path is aborted and a new path 1s chosen.
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In these algorithms the propagation of an inverted (non-inverted) crosstalk pulse
was similar to the propagation of an error due to a stuck-at fault. Since a crosstalk pulse is
created on the victim line by a transition on the affecting line, it is necessary to calculate
two vectors so that a transition on the affecting line can be achieved. In the algorithm
proposed in [36], the test generation process was carried out by a commercial ATPG tool,
namely the stuck-at fault test generator called System HILO. Given a node where a
crosstalk signal is suppose to be generated, a computation was made to find all the paths
from this node to the outputs traversing a number of gates less than the penetration depth
of that crosstalk signal. All paths traversing a number of gates greater than the penetration
depth are blocked by inserting AND or NAND gates with one of their inputs connecting
to GND. Therefore, a new circuit was created containing only the paths that the crosstalk
signal can traverse. This modified circuit was then applied directly to the ATPG tool to

obtain test vectors.

On the other hand, the algorithm presented in [37] consists of three phases.
Initially, the first vector is calculated by setting the values of affecting and victim nodes.
The values of these nodes are chosen following the controllability heuristic SCOAP [38].
In the second phase, the second vector is computed by setting the victim node to the same
value as in the previous phase, and the affecting node to the opposite value (thus causing
a transition in this node). The third phase sets unused primary inputs associated with the
second vector to appropriate values in order to propagate the crosstalk signal to primary
outputs. The propagation is assumed to be equivalent to the propagation of a D or D-bar

value used for stuck-at faults, and the penetration depth is used in the third phase. All
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three phases of the algorithm use conventional backtrace and backtrack procedures as

used by stuck-at fault test generation algorithms.

In these approaches [36], [37] the dependency of detectability on the propagation
ability of the crosstalk signal has been shown, but the penetration depth computation
assumed that all gates (and/or all kind of gates) have the same capabitity to impede
crosstalk propagation. In reality, however, some paths tend to filter out crosstalk noise.
while others are very hazard-sensitive depending on the analog properties of the gates.
Due to the non-linearity of CMOS gates, crosstalk noise may be attenuated or even
amplified while propagating through a gate. Hence it is necessary to investigate the
analog properties of CMOS gates to determine crosstalk propagation. In addition, the
above models ignore timing of signals, i.e., they consider no gate delay and zero signal
rise/fall times. Since the amplitude of a crosstalk pulse depends on the affecting line
switching speed and the crosstalk delay has a strong relationship with a signal arrival time
and rise/fall time (see Chapter 2), it is necessary to consider timing information in the test
generation process.

Another approach for generating test for crosstalk was proposed in [33]. This
approach uses the multiple backtrace technique and utilizes a “forward-evaluation”
technique in its backtracking phase which searches for the right entry to select by
propagating suggested values to minimize the number of backtracks. Therefore the
efficiency of the test generation process is significantly improved. This approach also
considered the signal timing information by taking into account variable gate delays so

that signal arrival times could be computed. However, this approach still models crosstalk

18



as an ideal pulse with full voltage swing and assumes zero rise/fall times for signal
transitions. Hence penetration capability of a pulse is not well characterized and again an
overestimation of crosstalk noise strength may occur. The test vector generated using the

model may not be able to propagate the actual crosstalk to primary outputs.

Therefore the ability to efficiently and accurately create a large crosstalk effect

and propagate it with minimal artenuation has not been previously addressed.

1.4 Motivation and organization of the dissertation

As can be seen from the preceding sections, all the cited models and algorithms
for characterizing and test generation for crosstalk noise involve trade-offs between
computation speed and desired accuracy. In this work, we will focus on the development
of a general methodology to analyze and obtain greater insight into the crosstalk
phenomenon, and an efficient mixed-signal test generation mechanism where

characteristics of crosstalk induced noise are accurately modeled.

This dissertation address the problems of validation and testing issues related to
crosstalk. In Chapter 2 we will develop a general methodology to analyze and obtain
greater insight into the crosstalk phenomenon. First the source of crosstalk effects will be
described. Next a methodology is presented and used to characterize cases where inputs
to one or both coupled lines have transitions with arbitrary transition times and directions.
Our analysis starts with a model in the frequency domain (s domain) to obtain a closed

form voltage transfer function. This is then transformed to obtain expressions in the time
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domain. These expressions are used to characterize the amplitude, width. energy, and
timing of the pulse, as well as the speedup or slowdown of transitions due to crosstalk.
Experimental results show that process variations can have significant impacts on
crosstalk effects. New design validation and test issues are identified, and a simple test
generation scheme is presented.

Chapter 3 provides analytic models for propagating crosstalk noise through
CMOS gates. Several new techniques for a Ist-order model are developed so that tests
can be efficiently and accurately generated. These techniques includes new models for a
CMOS inverter, methods to calculate inverter output response for pulse inputs, a method
for collapsing CMOS gates into equivalent inverters, and a piece-wise linear model for
pulses. These techniques are integrated into a test generation framework described in

Chapter 4.

Chapter 4 presents a mixed-signal test generation process where characteristics of
crosstalk induced noise are accurately modeled. This algorithm not only considers noise
effects as new logic values, but also takes into consideration analog information such as
finite noise energy and input arrival skews to accurately characterize noise strength. In
addition, this ATPG algorithm includes the concept of gate delay, signal arrival time,
signal strength and rise/fall times. Conditions for the creation of the worst-case coupling
and propagation of a crosstalk effect are presented. We also present a new analog cost
function that is used to guide the search process. By using the path delay information
obtained in circuit preprocessing and/or the analog cost function, preferred paths can be

selected during the backtrace as well as propagation process. A branch-and-bound
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technique is also proposed to reduce the effort for searching through the whole PI
combinations. While most ATPG algorithms attempt to only satisfy a set of logical
constraints, our algorithm also maximizes an objective function. Experimental results
show that our approach can generate tests for circuits of reasonable sizes (such as a

functional unit) within acceptable amount of computation time.

Chapter 5 proposes possible future extensions to our work that focuses on
improving the capability and efficiency of the test generator. Additional macromodels can
be developed to enable the propagation of crosstalk effects via a wider range of circuit
elements (complex COMS gates, dynamic gates, and latches) and under a wider range of
conditions such as multiple crosstalk effects and simultaneous presence of crosstalk pulse
and delays.

In Chapter 6 we present our conclusions.

Parts of the work presented in this dissertation have already been published. The
analytic models for crosstalk delay and pulse under non-ideal inputs have appeared in the
Proceeding of the International Test Conference, 1997 [30]. The test generation algorithm

for crosstalk noise was presented in the Proceeding of the International Test Conference,

1998 [46] and 1999 [63].



Chapter 2

Analytic Models for Crosstalk Excitation

Traditionally, SPICE simulations have been used to estimate crosstalk noise in
signal lines. Although accurate, these simulations are too time-consuming and inefficient
for chip-level circuits. A rapid and acceptable accurate crosstalk noise estimation
alternative is needed. In this chapter we develop a general methodology to analyze
crosstalk to obtain insight into effects that are likely to cause errors in deep submicron
high speed circuits. We focus on crosstalk due to capacitive coupling between a pair of
lines. A methodology is presented and used to characterize cases where inputs to one or
both coupled lines have transitions with arbitrary transition times and directions. Our
analysis starts with a model in the frequency domain (s domain) to obtain a closed form
voltage transfer function. This is then transformed to obtain expressions in the time
domain. These expressions are used to characterize the amplitude, width, energy. and
timing of the pulse, as well as the speedup or slowdown of transitions due to crosstalk.
We first consider the case where crosstalk noise manifests as a pulse and characterize the
maximum amplitude, width, energy and timing of this pulse. Closed form equations
quantifying the dependence of these pulse attributes on the values of circuit parameters
and the rise time of the input transition are derived. We also consider how crosstalk

causes slowdown (speedup), i.e. increases (decreases) the rise/fall times and arrival time



of signals on coupled lines when their inputs have transitions in the opposite (same)
directions. Expressions relating the slowdown (speedup) to circuit parameters. the
rise/fall times of the input transitions, and the skew between the transitions are derived.
We show that crosstalk effects can be significantly aggravated by variations in the
fabrication process. New design corners are identified for validation of designs that have
significant crosstalk effects. Finally, the results of our analysis provide conditions that
must be satisfied by a sequence of vectors used for validation of designs as well as post-

manufacturing testing of devices in the presence of significant crosstalk.

The chapter is organized as follows. In section 2.1 a brief review of source of
crosstalk effects is described. In section 2.2 shows the impact of scaling and process
variation on crosstalk effects. In section 0 new validation and test issues are discussed. In
section 2.4 the proposed methodology to analyze crosstalk is presented, followed by the
derivation of closed form expressions for the frequency domain transfer functions and
time domain signal waveforms. In section 2.5 we discuss design and test issues for

various crosstalk situations. Finally in section 2.6 we provide a summary.

2.1 Crosstalk Effects

In VLSI circuits it is very common to have wires running adjacent to one another.
In submicron designs, due to the closer proximity of adjacent wires on the same layer.
increase in the height of wires (relative to their widths), and increase in the switching

speeds of signals, the parasitic coupling effects are significant. Coupling effects produce

2
"



interference between signals, referred to as crosstalk noise, and may increase or decrease
signal delays and decrease signal integrity.

Parasitic coupling includes inductive and capacitive effects. There is a low
inductance value that becomes significant at very high frequency in certain lines, such as
Vpp and GND global buses, which are very long and wide (so R is comparable to wL)
and may conduct large switching current. For most signal interconnects it is still feasible
to accurately model crosstalk without considering inductance because of the voltage-
controlled nature of MOS devices [64]. Figure 2.1 shows a simple circuit with mutual
capacitance Cy, between two signal lines A and V. The values of the parasitic capacitance

Cp, can be determined as described in [57], [58], [59].
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Figure 2.1 Simple circuit showing source of crosstalk due to capacitive coupling.

Crosstalk noise may cause undesirable effects including excessive overshoot,
undershoot, glitches, addition signal delay and even a reduction in signal delay. These
effects can lead to possible circuit malfunction (permanent errors) and increased power
dissipation. Figure 2.2 shows the effects of crosstalk obtained by SPICE simulation on the

signal V in Figure 2.1. In the simulation, we assume that wire resistance and coupling
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capacitance can be modeled as a lumped resistance, Ry, and a lumped capacitance, Cy,
(lumped RC model). respectively, and the size of the transistors in the inverters and
lengths of the metal wires are chosen to obtain a nominal driver output response with a
rise time of about 130ps, which is realistic assuming a clock period of 4 ns. For reliable
operation some aspect of the worst case crosstalk pulse, such as energy or maximum
amplitude, should be bounded and the input patterns that maximize these aspects of
crosstalk should be used during design validation. In Figure 2.2(a) we see that a pulse is
generated on line V, which should ideally have a constant zero, due to a rising transition
on line A. Figure 2.2(b) shows that when A and V have transitions in the same (different)
directions, the results is a decrease (increase) in the signal transition time

(speedup/slowdown) of signal V.
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Figure 2.2 Crosstalk waveforms of signals in Figure 2.1: (a) crosstalk pulse; (b) crosstalk
decreases/increases signal transition times (speedup/slowdown).
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2.2 Technology Trends and Process Variations

2.2.1 Technology Scaling

In this section we will study the effect of scaling on crosstalk noise for several
deep sub-micron technologies. The technology parameters are based on the SIA roadmap
[32] and extracted values from [47], [48]. Table 2.1 lists the main characteristic and

interconnect parameters we used for our scaling experiments.

The experimental circuit consists of two unbalanced drivers with a 4000um long
affecting line with minimum width driven by the larger driver (20 times minimum size
inverter), and a 2000um long victim line with minimum width driven by the smaller
driver (5 times minimum size inverter). Both lines are metal 4 lines running in parallel
with minimum spacing between them. While scaling down the device sizes for different
technologies, the affecting and victim line lengths are also scaled down according to the

trend of the interconnect scaling projections presented in [49].



Table 2.1 Interconnect parameters for various technologies [32], [47], [48]. W is the min.
width; R and C are unit length resistance and total capacitance; AR is the aspect ratio, Ca,
Cf, and Cm are area, fringing and coupling capacitance, respectively.

| Tech. (um) 035 [025 [018 |015 [013 |0. 0.07
clock (MHz) 400 700 1100 | 1300 | 1600 | 2100 | 2500
Vnp(V) 2.5 2.5 1.8 1.5 1.5 1.2 1.0
Metal eff. resistivity (p€2-cm) 3.3 3.3 2.2 2.2 2.2 2.2 1.8
M1 Interconnect
W (um) 0.4 0.3 0.22 0.17 0.15 0.11 0.08
Pitch (um) 0.6 0.45 033 (027 |025 |0.16 |0.12
R (€/um) 0.15 0.19 0.29 0.40 0.56 0.67 0.7
C (fF/um) 0.17 0.19 021 (023 (025 |0.27 |0.27
AR 1.5 1.8 2.0 2.1 24 2.7 3
M4 Interconnect with min. width and space
W (um) 1.0 0.76 0.56 0.47 0.38 0.28 0.20
R (&/um) 0.04 0.05 0.06 | 0.076 | 0.11 0.17 | 0.18
Ca(fF/um) 0.031 [ 0.025 0.021 | 0.021 | 0.018 | 0.018 | 0.017
Cf(fF/um) 0.046 | 0.042 0.040 | 0.040 | 0.040 | 0.042 | 0.037
Cm(fF/um) 0.056 | 0.072 0.086 | 0.090 | 0.100 | 0.107 | 0.119

Figure 2.3 shows the effect of technology scaling on crosstalk noise. Crosstalk
effect tends to increase for each successive technology generation because of two possible
reasons: 1) the increase in aspect ratio and decrease in minimum spacing makes the
coupling capacitance more dominant; and 2) the reduction of interconnect dimensions

increases the line resistance and makes it more difficult to discharge the crosstalk voltage.
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Figure 2.3 Noise trend for different technologies.

2.2.2 Impacts of Process Variations

In this section we illustrate the effects on crosstalk due to variations in the values
of electrical parameters caused by manufacturing. The results are obtained by SPICE
simulation of the circuit shown in Figure 2.10 . Different values for the electrical
parameters are selected that are consistent with the correlations that exist in actual
process data [22]. The parameter data presented is based on a 0.8 micron process with a
single poly and three metal layers.

The delay of a signal V is influenced by capacitive coupling, relative drivers
strength, and the transitions that occur at A and V. For simplicity, only the case where V
has a rising transition is considered.

The nominal delay values are calculated for each case using nominal values for all
electrical parameters. The worst case behaviors are excited by selecting the appropriate

value for each parameter. From the discussion about dependence in section 2.4. the
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maximum delay is obtained by selecting the maximum value of mutual capacitance
between the interconnects (C,). the minimum value of interconnect to substrate
capacitance (C,), minimum value of C,, the maximum transistor gain values (minimum
equivalent on-channel resistance) for line A driver, the minimum transistor gain for line
V driver, and the minimum and maximum values of line resistances for the affecting and
victim lines, respectively. The minimum delay case situation is obtained in a similar way.
All parametric values selected are within the acceptable range of the process. We assume

inputs switch simultaneously with a rise/fall time of 100ps.

The delay values obtained are shown in Table 2.2. Due to process variations, the
worst case delay varies by about 25% around the mean value. Cross-coupling plus
process variation increase the delay from normal to the worst case maximum by almost
85% (from 217.3ps to 400ps); the deviation between the minimum and the maximum

delay is 234.5ps (from 165.5ps to 400ps), i.e. 108% of the nominal delay.

The height of the crosstalk pulse is determined for the case where A has a falling
transition while Vj, is stable at OV, Table 2.3 shows the values of the pulse height. For the

worst case process values, the pulse height is 43% larger than its nominal value.

These examples show that there are significant variations about the mean values
for crosstalk pulse and delay due to process variations. The noise margin in a typical

circuit may not be large enough to tolerate the effects of both crosstalk and process

variations.



Table 2.2 Effect of process variations on crosstalk delay (pico seconds)

Simulation Mean Minimum Delay (ps) Maximum Delay (ps)
Cases Delays (ps) | Value | % deviation from mean | Value | % deviation from mean
Nominal Delay 217.3 177.4 18.4 269.5 24.0
Crosstalk Slowdown 315.0 248.0 21.3 400.0 27.0
Crosstalk Speedup 165.5 128.2 22,5 205.7 24.3

Table 2.3 Effect of process variations on crosstalk pulse height

Simulation Mean Minimum Height (V) Maximum Height (V)
Cases Value Value % deviation from Value % deviation from
V) mean mean
Crosstalk pulse 0.65 0.43 33.8 0.93 43.0
height

2.3 New Design Validation and Test Issues
In high speed circuits, signal integrity and timing are important issues for correct
circuit operations. From the previous section, crosstalk can have a significant impact on

signal integrity and delay and even result in erroneous circuit operation.

Due to the high complexity of crosstalk analysis, the development of a
methodology to identify pairs (or, in general, sets) of lines where crosstalk noise is likely
to exceed the noise or timing margin is essential to any practical validation methodology.
Since process variations have a significant impact on the severity of crosstalk effects.
parts of a circuit where crosstalk does not cause errors for nominal values of purameters
can operate erroneously for other parameter values in the design envelope. The
correctness of a design at all points in the design envelope is verified by validating the

circuit at various design corners, i.e., extreme combinations of parameter values where
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the design is likely to fail. However, the design corners that are commonly used during
validation do not represent the combination of parameter values where the severity of
crosstalk is maximized [21]. In addition, the noise-to-signal ratio tends to increase as
feature sizes reduce. Hence validation for crosstalk noise is essential in designing high

speed circuits.

If a design is found to fail at some extreme points in a design envelope, a circuit
may not necessarily be redesigned, especially if redesign would make the attainment of
some design objectives impossible or have an impact on a product’s schedule. Thus, each
manufactured device must be tested to ensure that it works correctly. Therefore we need
to develop a test generation framework for crosstalk noise. Since the amplitude of a
crosstalk pulse depends on the affecting line switching speed and the crosstalk delay has a
strong relationship with signal arrival times and rise/fall times (see section 2.4). it is
necessary to consider analog properties and timing information of signals in the test
generation process. Therefore the ability to efficiently and accurately create a large
crosstalk effect and propagate it with minimal attenuation has not been previously
addressed. Thus, it is important to develop models to analyze crosstalk effects, and

integrate these models into a mixed-signal test generator for crosstalk noise.
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2.4 Crosstalk Model and Analysis
To obtain insight into the nature of crosstalk and its dependence on the circuit
parameters associated with the coupled lines, consider the lumped model of capacitive

coupling shown in Figure 2.4.

Ry
An
1 G
R, =Cu L
Vlil
WW—r 1
L

Figure 2.4 Capacitive coupling model.

In this model, each pulling resistance, R, or Ry, is composed of the line
resistance and the on-channel resistance associated with the line driver, where we assume
the complementary device is off immediately after the inputs are applied. In [13]. [14] it
is shown that the impact of neglecting the short circuit current is small provided that the
transition time is short. The load capacitances, C, and C,, consist of the line capacitance
and the gate capacitance of the load driven by the line. Thus the line driver is equivalent
to a pulling resistance, and the coupling network can be viewed as a network of
capacitors (Cy, C,, Cy). Compared with the simplified model in [11], which assumed a
linear rise/fall time on the node A, our expanded model allows for a more general model
of the signals A;, and Vi, not only in terms of their switching rates but also their relative

skew.



2.4.1 Driver Modeling and Approximation of Distributed RC Network
Using Lump Models

Using the lumped model in Figure 2.4 one can derive analytical expressions for
crosstalk waveforms. For example, by using Laplace transformations we can obtain an
expression for crosstalk in the s-domain, which we can transform back to the time
domain. However, as interconnect lengths become longer, the error introduced by the
lumped model increases. Hence two enhancements are made to (1) model the driver
considering the rise time of the input signal, and (2) account for the distributed nature of
the interconnect RC network by using a model for effective coupling and load
capacitance. Once this is done, the accuracy of this model approaches the accuracy of a
distributed model, but the resulting analytical equations are nearly as simple as a lumped

model.

2.4.1.1 Driver Modeling

The most popular representation of a driver driving a wire consists of an input
voltage source and an ON-channel resistance, as shown in Figure 2.5. However, because
of the non-linearity of the driver characteristics and the finite input transition time, certain

modification must be made to minimize the error in this modeling.

L
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Figure 2.5 (a) An input signal with transition time t., applied to a driver; (b) equivalent
circuit.

First, the ON-channel resistance of a CMOS inverter is a function of Vg and Iy of
a MOS transistor. Instead of using only the resistance in the linear region of the device, an
expression for Ron-channet, namely 0.5(Vyd/Igs)vas=o.5vop + 0.5(Vas/las)vas=vpp. 18 often used
[52]. Second, assume that the transition time of the input signal to the driver is .. The
output transition time of the driver, t,’, is given by: t_'=t, +t -+t . where ti. t;. and tc are
the intrinsic delay dependency, input slope dependency, and the interconnect load
dependency, respectively [50]. The intrinsic delay dependency t; is empirically expressed
as t; = k{VppCi/lusu, Where Vpp is the supply voltage, lyg, is the saturation source-to-drain
current, and C; is the junction capacitance. The term k; is a “fitting coefficient”. and k; is
approximately 0.4 for many technologies [50]. The term t; is usually small (~5ps) and is
independent of the input transition time.

The input slope dependency, L, is a linear function of the input transition time of
the signal applied to the driver, i.e., t, = kytra, where k; is a technology dependent fitting
parameter and is typically between 0.1-0.2 for deep sub-micron technologies.

The interconnect load dependency can be expressed as
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where C; is the interconnect capacitance, V, is the transistor threshold voltage, § is
an empirical constant accounting for the loss due to short circuit current and is typically
equal to 1.2, and k. is an empirical expression to account for capacitance shielding caused

by interconnect resistance [S1]. The value of k¢ is given by

k. =1-

<

R, ).
R, +R,/3

where R; and Ry are the interconnect line resistance and device on-channel
resistance, respectively [50].

The technology dependent fitting coefficients in the above equations can be
obtained by running SPICE for several calibration cases. The model error for the output
transition time prediction compared with SPICE simulation is shown to be less than 10 %

for various interconnection lengths up to 10000um [50].

2.4.1.2 Approximation of Distributed Network Using Lump Models

To account for the distributed nature of the RC interconnect, the following
approximation model has been proposed [50]. Based on the Elmore Delay model [53], the
lumped line capacitance C, and C, are scaled by a factor of 0.5. The lumped coupling

capacitance C,, is scaled by a semi-empirical and technology dependent factor

t

@=(1-n)e™ " +n. In this expression t, is the output transition time of the driver
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described in the previous section. T is a function of circuit parameters and is expressed as

= \/[Rpl(c:n + cm) + Rpl (C\ + Cm )-_F _4RpIRp2 (Cucv + C C + C\'Clll) '

a™~m

The parameter 1] accounts for the presence of the victim line driver resistance. and
is given by 1 = 0.5[1+Ry/(Ryi+Ryq)], where Ry; and R4 are the victim line interconnect
resistance and driver resistance, respectively. 1) is close to 1 if the interconnect resistance
is negligible, and monotonically decreases to 0.5 as interconnect becomes more
dominant. The scaling factor ¢ is equal to 1 for a slow transition time, but monotonically

approaches 1 for signals with fast transition times.

2.4.2 Analytical Equations from Crosstalk Waveforms

We de-couple the system shown in Figure 2.4 into an input waveform stage, a
driver characterization stage and a coupling network stage. By doing this, we can employ
more complex models to obtain more accurate results, take into account input waveforms
other than ideal step functions, and thus analyze crosstalk induced speedup and slowdown

(delay).
By using Laplace transformations, we can accomplish the following:

1. for the input waveform stage, obtain the Laplace transfer expressions for fairly

complex inputs,

2

for the driver characterization stage, obtain the transfer function of the line driver

model at a desired degree of accuracy.
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3. for the cross-coupling network, obtain the transfer function from A to V.

By cascading these three stages we can obtain an expression for crosstalk in the s-
domain that can be transformed back into the time domain. The analytic response derived
is based on the first order model of MOS device behavior, commonly referred as the
LEVEL | model, assuming that the channel modulation is negligible. This model was
selected because more sophisticated models that take into account higher order effects are
intractable for analytic manipulation. The insights gained from the results obtained using

this simple model are sufficiently useful for our applications.

2.4.2.1 Analysis of Crosstalk Pulse

To illustrate the analysis procedure, consider the case of a positive crosstalk pulse
induced on node V (victim line) due to a rising transition at node A (affecting line). The
input A;, to the inverter driving the affecting line in Figure 2.1 is a falling transition, and
the input Vj, to the inverter driving the victim line is kept high so that the victim line
should remain at a constant low. The values for coupling capacitance and load
capacitance can be obtained by techniques described in section 2.4.1.2.

After the input to Ay, is applied, the pulling device (PMOS) of the inverter driven
by A, can be modeled by its on channel resistance, Ry, connecting A to VDD: the
corresponding NMOS device is off. The inverter driven by V;, can be modeled by the
channel resistance of its NMOS device connecting V to GND. For computational

convenience, we normalize VDD to be 1 and GND to be 0. Figure 2.6(a) shows the
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circuit model for the situation just described. Figure 2.6(b) shows an equivalent circuit of

Figure 2.6(a).
Some notation used throughout the rest of this chapter is described next:
A - node or signal on line A,
A(1) - voltage at A in time domain,
A(s) - voltage at A in frequency domain,

Agxp() - voltage at A when Ajy(t) is an exponential signal and Viu(1) is stable at low (or

high),
Agep(t) - voltage at A when Aj,(t) is a step function and V(1) is stable at low (or high).

Aq(t) - voltage at A when A, and Vj, are exponential inputs with identical directions of

transition (speedup),

Ag(t) - voltage at A when A, and Vj, are exponential inputs with opposite directions of

transition (slowdown).
(In the above, A and V can be interchanged to derive another set of notation.)

Let “H” indicate a transfer function and its subscript indicate a node name or the

conventional output/ notation.
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Figure 2.6 Circuit model for crosstalk pulse analysis. (a): circuit model for a positive pulse
induced on V due to a rising transition on A; (b) an equivalent circuit.

From Figure 2.6, solving for the impedance at node A, we have

_V(s) .

zZ,=(C,+C)=-€
A(s)

i ]

The transfer function from A to V is

V{s) _ sC,,

Ay L L e ey
R

Pl

Therefore, Z.q can be expressed as

7 (C,+C,)+sR,,C,
87 1R, (6,4 C,)

?

where ¢, = ¢,C, +C,C, +C,C, |

Now, A(sy=H,=H,,, H, . where isthe characteristic transfer function of the

low pass circuit composed of the pulling resistance Ry; and the equivalent reactance Zq,
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namely g, =——, where r=1/g z If the input is a unit step function then H, =ls and
ANA, ST pl ey ™

T

1
)=
s+17 §

A(s)=H, =(
One can think of this transfer function as the product of the driver characteristic
transfer function stage and an input waveform transformation stage. Thus, the transfer

function of node V to the input is

Visy=Hy =Hy) -ty 1,

where g, is the coupling network transfer function.

Via

Carrying out the algebra we get

; 1
Vis)=H, = Ca ] -1, and
R,C, w—u s—-w §-u
1 1 1 1 C, +C
A(s)=H , =—~ ( - i —= =
) Yy weu s—w os-un X R.;C, )

where w, u are solutions to the quadratic equation

R, (C

en FCI+ R,(C, +C) |

)+
R, R.C, R,R

Lo p2 p1otp2

2

§7+8(

=(>
Cl

and both w and u are negative.
The time domain voltage waveform V(t) is obtained by taking the inverse Laplace

transformation of its corresponding s-domain expression, resulting in

s, 1

Vi) =( )

)(i’ we ('M ) .

Gy Wt

For arbitrary input waveforms instead of step functions, we can modify the above

input waveform transformation stage. Inputs such as step functions, ramps, exponentials
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or combinations of the above are commonly seen in electrical models and are easy to use
in transformation analysis. For example, assume the input to the driver stage is an
exponential rising waveform with known transition time (time constant). The output

e for the driver is

transition time (time constant x) of the output waveform (1 -
obtained using the output transition time prediction technique described in the previous
section. The s-domain expression of this waveform is [(1/s)-(1/(s+1/x)]. The transfer

function at A, namely Hayp, under this exponential input is

P IR I/x
=H,, ‘H, =—(-- Y= (==— =H e i
A P ST :(s s+ 1/% (s s+ :)s+lfx AR s X

where Hagep is the transfer function Hy discussed previously (the voltage seen by
the driver stage is a step function), and the subscripts are used to indicate the type of input

waveform.
Hence, an exponential input results in a modulation term 1/x(s+1/x). Using this
technique. the corresponding victim line time domain response is

/
V(U=& 1/x oM 4 1/x oy 1/x ey

R,,C, (w-+1/x)(w=u) (u + 1/%)(u = w) (w -+ 1/x)(u + 1/x)

p

Finding the maximum amplitude of the pulse can be done by differentiating the
above equation and setting the result to zero. However, the above equation contains 3
exponential terms and it is very difficult to find a closed-form expression for the
amplitude. Hence we expand the exponential terms by using the Taylor series expansion
technique. The most important process in the Taylor series expansion is finding the
expansion center, ty, where the approximation error is minimal. Since we know that the

time when the maximum amplitude of the pulse at V occurs will not be earlier than when
4]



the step input is applied. and is near the time when the affecting line finishes its

transition, one can empirically derive the following expression for the expansion center:

t0 = E.\ tslcp(l - e"“'lu:,. ) 1

step *

where & is an empirical fitting constant (typically it is 1.2), and tgep = In(u/w)/(w-
u) is the time when the maximum amplitude occurs for the case of a step input.

As the time constant x decreases to 0, ty monotonically decreases o lyep. AS X
increases, the expansion center to increases. The useful range for this approximation for
time constants is from 0 to 250 ps, which includes the range of rise/fall times in todays
technologies.

By expanding the expression for the crosstalk pulse into a Taylor series. it
becomes a polynomial equation and can be solved directly to find the time (t,) when the
maximum amplitude occurs. Then the maximum crosstalk amplitude is obtained by
substituting t, back into the crosstalk pulse equation. For the derivation of the crosstalk
amplitude expression please see Appendix A. The approximation error in estimating the
amplitude using this technique is less than 3%.

In Figure 2.7 we show the dependence of a crosstalk pulse amplitude on various
circuit parameters. The default values for the following parameters are: Ry = 120ohms,
Rp2 = 2500hms, Cy, = 300fF, C, = 174fF, and C, = 87fF. Figure 2.7(a) shows the crosstalk
pulse on line V due to a unit step transition and an exponential transition on line Ay,
where for the latter case the rise time is 100ps, i.e. x = 44. It can be seen that the pulse

due to a step transition at A;, has a larger maximum amplitude than when an exponential
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transition occurs at Aj,. Figure 2.7(b) shows that crosstalk pulse amplitude decreases as
the input transition time increases. This is because there are less high frequency
components contained in slower inputs (if we do an energy spectrum analysis) and hence
less energy passed through the coupling capacitance to create the crosstalk pulse. Figure
2.7(c) shows the effect of affecting-to-victim line driver ratio on maximum crosstalk
amplitude for a fixed coupling capacitance. It is seen that as the driver ratio increases, the
maximum amplitude also increases and tends to saturate. The amplitude approaches a
value determined by the coupling capacitance and load capacitance of both lines.
Therefore, the total energy that can be coupled to the victim line is fixed, even if the
driver ratio becomes extremely large. Figure 2.7(d) shows the amplitude as a function of
the affecting (victim) line resistance Rpl (Rp2) for a fixed value of victim (affecting) line
resistance Rp2 (Rpl). It is seen that as Rpl gets larger, i.e. the driving capability of the
affecting line driver becomes weaker, the dV/dt value on the affect line decreases and
hence the energy coupled through the coupling capacitance becomes less and results in a
smaller pulses. On the other hand, as the victim line resistance Rp2 increases, it is more
difficult for the victim line to discharge the crosstalk voltage. Thus the maximum pulse
amplitude becomes larger. Figure 2.7(e) shows the impact of coupling capacitance,
affecting and victim lines load capacitance (line capacitance plus load capacitance) on
crosstalk amplitude. Typically, the longer the interconnect lines, the larger the coupling
capacitance. Therefore, we expect the magnitude of the crosstalk pulse to be larger as the
coupling line length become longer. However, a very long line has a large RC and thus
the affecting line driver gets overloaded. Thus the dV/dt change on the affecting line
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become smaller, and consequently the crosstalk pulse amplitude does not increase at the
same rate as the coupling length increases. Figure 2.7(e) also shows the impact of the line
loads on pulse amplitude, for fixed Rpl and Rp2. It is seen that a larger load will result in
a smaller pulse at the victim line. Similarly, for the affecting line the larger the line load
becomes, the smaller the crosstalk. This is because a larger line load C, implies a larger
RC on the affecting line, and hence the dV/dt decreases and results in smaller crosstalk
amplitudes. For the victim line load C,, the crosstalk amplitudes decreases as Cy
increases. This is because C, can hold charge and compensate the charging process from
the affecting line through the coupling capacitance. Therefore the crosstalk amplitude

become smaller.
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Figure 2.7 (a) Crosstalk pulse at V due to exponential and
amplitude vs. input transition time (time constant);
affecting/victim driver ratio; (d) maximum amplitude vs. affecting and victim lines
resistance (driver resistance plus line resistance); (e¢) maximum amplitude vs. coupling
capacitance, affecting and victim lines load capacitance (line capacitance plus load

capacitance).
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2.4.2.2 Analysis of Crosstalk Delay

By using the techniques described above we can analyze effects such as (1) when
both signals A and V change simultaneously and in the same direction to cause signal
speedup, (2) change in the opposite direction to cause extra delay., or (3) change with a

relative timing skew.

Consider the case where the affecting line A has a falling transition and line V has
a rising transition. The equivalent circuit model is shown in Figure 2.8. Here we assume
that exponential waveforms of time constants x and y are applied to Aj, and Vi,
respectively, and the A;, signal has a time skew of z units with respect to signal V.

where z can be positive or negative.
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Figure 2.8 Equivalent circuit for crosstalk delay analysis.
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By using the techniques described in the previous section, the Laplace
transformation for shifting the time-axis, and proper initial conditions, we have the

following results (for detail derivation please see Appendix B).
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By solving the above system of equations, we obtain

1 " € 1 Iy I -
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We can interpret these equations in the following way.

Total response on line V = (signal due to step input at V;,)*(modulation on

line V) + (coupling from line A)* (modulation on line A)*(skew on line A)
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where (—7—) represents the modulation on line V due to the finite signal

T 1/ x ; ; g :
transition time, ( +1; ) represents the modulation on line A, and e ™ represents the time
5 X

skew of line A with respect to the signal on line V.

Agqy(s) can be interpreted in a similar manner except that there are also terms

resulting from initial conditions.

The waveforms for A and V are given by the expressions
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and U(t) is a unit step function.

The terms in Ag(t), except for A.p(t). contribute to the slowdown effect caused

by the mutual capacitance. The terms in V(t) contribute in a similar way.
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Similar equations can be derived for speedup. The waveforms for A and V are
given by the expressions

Am([) = A“P([) _._I.{ C eW| + c ot c c—!.'},
Y (wH+1/yXw=u) (u-+1/y)u—w) (w+1/y)u+1/y)

l ) ) - =z
le([) = V“I‘([)+[L[ o) e I b u(l ~z) b " ]U[l ~2j
X (w+ /x)(w—u) (u+1/x)(u —w) (w + 1/x)(u +1/x) .

By using the sensitivity analysis on the equations described previously, we can
observe that the severity of crosstalk is directly proportional to the mutual capacitance
and line V resistance, and inversely proportional to the line A resistance and the load
capacitance on each line.

Figure 2.9 shows the degree of speedup or slowdown due to coupling effects,
assuming that the input signals switch simultaneously, i.e. z = 0. The circuit configuration
is shown in Figure 2.10. The circuit consists of two unbalanced drivers with a 4000um
long and 4um wide metal2 affecting line A driven by the larger driver (32p/0.35u PMOS
and 16W/0.351 NMOS), and a 1000um long and 2 um wide metall victim line V driven
by the smaller driver (8u/0.35u PMOS and 4w/0.35u NMOS). Figure 2.10 also shows the
dimensions of the components. R, C and gain values used for analysis and simulations
have been extracted from a layout, where Ry, Ry are metall and metal2 line resistances.
Cinigy Crmze are metall and metal2 line-to-substrate capacitances, and C, is the mutual

capacitance.
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Figure 2.9 Crosstalk speedup and slowdown effects assuming simultaneously switching
inputs where both inputs have a transition time of 100ps. (a) effects on victim line; (b)
effects on affecting line.

Consider the case where V has a rising transition and A remains constant. Then
from Figure 2.9(a) we see that V reaches Vpp/2 = 1.65 volts at about t = 77ps. Now if A
simultaneously has a rising transition, then V reaches 1.65 volts at t = 54ps, i.e. 23ps

earlier. This illustrates the concept of crosstalk speedup.
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Figure 2.10 Circuit used to study influence of input signal properties and circuit
parameters on crosstalk.
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2.4.3 Dependence of Crosstalk Effects on Input Transition Times and
Skews

In this section we investigate in more detail the dependence of crosstalk on input

transition times and skew.

Let the delay time of a falling transition on a line be t; when the other line is
static. ty.q, When both lines have transitions in the same direction. and ty..; when both lines
have transitions in opposite directions. The speedup-time due to the coupling effect is (t, -
lg-cu). and the slowdown-time is (tg.s - tg). Figure 2.11(a) shows the effects of slowdown

with respect to input waveform switching rates, i.e. the time constants, x and y. of the

51



exponential inputs. For simplicity, we again assume both signals switch simultaneously.
As x decreases, the exponential waveforms ¢ and (1-¢*) approach ideal step
functions. In modern CMOS technologies the signal rise/fall times range from 50ps to
300ps, thus x ranges from 22 to 130. The curve with y = 22 corresponds to the case when
the victim line input Vi, has a rise time of 50ps; the one with y = .01 corresponds to a step
function.

From Figure 2.11(a) we can see that when the input signal to the victim line is
kept at a fixed switching rate, then the faster the affecting line changes the larger the
slowdown of the victim line. Also for the case x=y, we see that the absolute amount of
slowdown increases as x increases. For example, an exponential signal with a rise/fall
time of 50ps (x = 21.7, tg = 39ps) has a slowdown-time of 26ps and one with a rise/fall
time of 200ps (x = 83.33, ty = 108ps) has a slowdown-time of 30ps. However, the
percentage change in delay decreases as both x and y increase. The slowdown-time in the
former case (50ps) represents a 67% increase in delay, while that in the later case
represents a 28% increase in delay. This implies that slow transition signals have a

smaller effect than fast transition signals.

Similar results are obtained for the case of speedup and shown in Figure 2.11(b).

Again for the case x=y, we see that the absolute amount of speedup increases as x

increases. For example, an exponential signal with a rise/fall time of 50ps (x = 21.7, 1y

39ps) has a speedup-time of 12ps and one with a rise/fall time of 200ps (x = 83.33, t4
108ps) has a speedup-time of 22ps. However, the percentage change in delay decreases as

both x and y increase. The speedup-time in the former case (50ps) represents a 30%
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decrease in delay, while that in the later case represents a 20% decrease in delay. This

implies that slow transition signals have less effect than fast transition signals.
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Figure 2.11 (a) The victim line slowdown-time vs. input switching rates; (b) the victim line
speedup-time vs. input switching rates.

We now consider the amount of speedup and/or slowdown as a function of z, the
time skew between the two signal transitions when A, and Vi, have rise/fall time of
100ps. Figure 2.12 shows the voltage waveforms on both lines, assuming the transition on
the affecting line occurs first (z=25ps). In the time interval O<t<z, A either pre-charges or

discharges V. Eventually, when Vj, changes, A and V affect each other and lead to a



speedup or slowdown. From Figure 2.12 we can see that the coupling effect between

these two lines are different due to the difference in line driver strengths and loads.

Figure 2.13 shows the influence of the input signal time skew z on the amount of

speedup and slowdown where A;, and V;, have rise/fall times of 100ps.
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Figure 2.12 Voltage waveforms on affecting and victim lines for z = 25 ps.
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Figure 2.13 Victim line speedup-time and slowdown-time vs. skew z.

From Figure 2.13 we observe that as z increases the amount of speedup and

slowdown on V both first increase and then decrease. For the speedup situation, if A
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switches from low to high (high to low) earlier than V, then A helps charge (discharge) V
before V changes, increasing the speedup. The amount of speedup reaches its maximum
value when the coupling effect from A is maximum, i.e. where the pulse at V due to A is
maximum. After that. the remaining effect of A on V starts to dissipate and hence the
speedup decreases. Also we can observe that for our example the slowdown is maximum
when the signals switch simultaneously. This can be explained by considering the fact
that a rapid change in the voltage at A transfers charge to node V via the coupling
capacitance Cy,. If the transition at V occurs concurrently with the transition at A, then the
entire charge transferred is discharged via the pull down of the inverter driving line V,
increasing its fall time. On the other hand, if A switches earlier than V, then some of the
transferred charge is discharged via the pull up of the inverter driving the line V prior to
its switching. Hence only a part of the charge transferred from A is discharged when V
begins to fall, decreasing the slowdown. If A switches later than V, then for a time z, V
transits toward its target value before A affects it, hence the slowdown is decreased. For z
greater than some fixed amount z,, A cannot impact V since V has already reached 50%
of VDD, which defines the delay time ty. As the driver ratio increases (decreases), the
skew for the maximum slowdown to occur also increases (decrease), i.e., not necessarily
switching simultaneously. The skew associated with the maximum slowdown occurs at

approximately z, . =(1-¢"")¢ -k (see Appendix C), where r is the ratio of the drivers

peak
strength, k; is a empirical constant, and tye is the time when the pulse at V due to A is
maximum. Zm i approximately equal to tye 'k for large driver ratios. and is zero if the

drivers are the same size.
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2.5 Design Validation for Crosstalk Noise

From previous discussion, crosstalk can have a significant impact on signal delay
and even result in erroneous circuit operation. For example, consider a clocked D flip-
flop. Due to crosstalk effects, a transition on D may arrive early and/or the clock edge
may arrive late. These may cause hold-time violations. Also, if the transition on D arrives
late and/or that on the clock arrives early, a setup-time violation may occur. Either of

these scenarios can either cause meta-stability or the flip-flop to go into the wrong state.

Due to the high complexity of crosstalk analysis, the development of a
methodology to identify pairs (or, in general, sets) of lines where crosstalk noise is likely
to exceed the noise margin or timing is essential to any practical validation methodology.
The results presented above provide a methodology to identify such pairs of lines by
showing that the severity of crosstalk depends on three main factors, namely (a) the
circuit parameters associated with the coupled lines, (b) the nature of inputs that can be
applied to these lines, and (c) the nature of the circuit driven by them. The last factor has
been discussed in some detail in [21] where it is shown how certain properties of the
circuit driven by the coupled lines determines the type of crosstalk effect, e.g., pulse or
delay, and for each type of effect, the characteristic of the effect that in turn determine if
an error can occur. In this context, the results of our analysis can be used to identify pairs
of circuit lines where crosstalk may be significant and hence should be analyzed
explicitly. We have also shown that process variations have a significant impact on the
severity of crosstalk. Hence, parts of circuits where crosstalk does not cause errors for

nominal values of parameters can operate erroneously for other parameter values in the
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design envelope. Our analysis helps identify new design corners where the candidate lines
must be simulated to ensure correct operation even in the presence of crosstalk. For
example, we have shown that crosstalk interference is proportional to the mutual
capacitance, ratio of strengths of drivers driving the coupled lines, and inversely
proportional to the load capacitance on each line. This is obviously different from the

most commonly used fast and slow design corners.

Even if a design is found to fail at some extreme points in a design envelope. a
circuit may not be redesigned, especially if redesign would make the attainment of design
objectives impossible. In such a case, the resulting circuit will typically be guaranteed to
operate at a vast majority of points within the envelope, but not all. For such a design.
each manufactured device must be tested to ensure that it works correctly. The above
results specify conditions that a test must satisfy to detect errors caused by crosstalk. For
example. it shows that a sequence of two patterns must be applied to cause nearly
simultaneous transitions in opposing directions to invoke worst case crosstalk slowdown.
The resulting slowdown must then be propagated along paths with low delay slacks to
circuit outputs. The application of a test sequence that satisfies these conditions will
identify devices with excessive crosstalk slowdown. (Note that traditional path delay
testing tests for excessive delay along logical paths in the circuit, while here excessive
delays are caused by coupling between logically unrelated paths.) In a similar manner, the
above results provide conditions that a sequence of patterns must satisfy to detect errors

caused by other crosstalk effects.



Figure 2.14 shows an example of test pattern generation for crosstalk pulse.
Assuming that we want to create a positive pulse at V| at least a or b must be set to | to
provide a constant low at V. However, to decrease the total pulling resistance to GND,
only input a is set to 1. Since a sharp transition on A is preferred, both ¢ and d are
assigned rising transitions. In addition to the pulse excitation, to propagate the resulting
pulse through the next stages, proper values must be set on side fan-in’s of each gate, i.e.
values for e, f, g must be set accordingly. Backward implication of these conditions will

give rise to a sequence of test patterns.
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Figure 2.14 Example circuit for test vector generation.

2.6 Summary

The objective of this chapter is to develop a general methodology to analyze
crosstalk in order to obtain insight into effects that are likely to cause errors in high speed
VLSI circuits. We studied crosstalk due to capacitive coupling between a pair of lines.
Closed form equations quantifying the dependence of the pulse attributes on the values of
circuit parameters and the rise time of the input transition were derived. These

expressions show that the severity of the crosstalk pulse is directly proportional to the
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coupling capacitance and the ratios of the strengths of the drivers driving the two lines,
and inversely proportional to the load capacitance on each line. These facts can be used to
identify pairs of circuit lines where crosstalk may be significant and hence should be
analyzed explicitly. Further, it is shown that while the maximum amplitude of the
crosstalk pulse diminishes rapidly as the rise/fall time of the input increases, the energy of
the pulse is almost independent of the input rise/fall time for a realistic range of rise/fall
time values (see Appendix A). If the rise/fall time of the input to a candidate pair of lines
is known to be large, then it may not be necessary to analyze the effect of crosstalk. We
also studied how crosstalk causes speedup/slowdown when signals change in the
same/opposite directions. Qualitatively, the dependence of slowdown and speedup on
circuit parameters is similar to that observed for crosstalk pulse. Also. it was found that
the faster the transition at A, the greater is the slowdown at V. Finally, it was found that
the skew for the maximum crosstalk slowdown to occur is proportional to the ratio of the
drivers driving the two lines. If the drivers are the same size, crosstalk slowdown is the
highest when both inputs have simultaneous transitions. The magnitude of slowdown

decreases as the skew between the input transitions increases.

The crosstalk effect was shown to be significantly aggravated by variations in the
fabrication process. The significance of the process variations necessitates the
identification of new design corners for validation, some of which have been presented
here. Finally, the results of our analysis provide conditions that must be satisfied by a

sequence of vectors used for validation as well post-manufacturing testing.



For 0.18um technology, the aspect ratio of and spacing between wires are such
that the capacitance between metal wires on the same layer exceeds the interlayer
capacitance. Since there is a high likelihood of having long parallel wires on the same
layer, we believe the effects of crosstalk will be more severe. Finally, the results of our
analysis provide conditions that must be satisfied to detect errors caused by crosstalk by a
sequence of vectors used for validation as well post-manufacturing testing. For example,
it shows that a sequence of two patterns must be applied to cause nearly simultaneous
transitions in opposing directions to invoke worst case crosstalk slowdown. The resulting
slowdown must then be propagated along paths with low delay slacks to circuit outputs.
The application of a test sequence that satisfies these conditions will identify devices with
excessive crosstalk slowdown. (Note that traditional path delay testing tests for excessive
delay along logical paths in the circuit, while here excessive delays are caused by
coupling between logically unrelated paths.) In a similar manner, the above results
provide conditions that a sequence of patterns must satisfy to detect errors caused by

other crosstalk effects.
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Chapter 3

Analytic Models for Noise Propagation

To accurately propagate noise through gates, we need to (1) characterize the noise
waveform, (2) construct gate transfer functions, and (3) compute output noise waveforms.
Since many CMOS gates in a random logic circuit have different electrical
characteristics, our approach is to first model CMOS logic gates as equivalent inverters
and then calculate the output response of noise through this gate using the transfer

function of the equivalent inverter.

In Section 3.1 a new inverter model is presented that reduces the error found in
other approaches caused by neglecting the short circuit current. In Section 3.2 we propose
a method to determine an inverter that is equivalent, in the sense of a transfer function, to
a given CMOS logic gate (NAND, NOR). This method can also be generalized to
complex gates. In section 3.3 we characterize the noise waveform and calculate the

propagated output noise waveform through the equivalent inverter.

3.1 A New Inverter Model

Several analytic models have been proposed for the transient response of CMOS

inverters [13], [14], [25], [26]. Although these models take into account the influence of
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the input waveform on the propagation delay, the short-circuit current is neglected. For
current technology where the signal transition time is near 100ps and the gate load is in
the range of 10-50fF, neglecting short-circuit current can result in errors in the estimation
of the propagation delay and output waveform. Since crosstalk noise is a finite energy
transient phenomenon, we proposed an improved model for a CMOS inverter to take into
account the short-circuit current so that the error in estimating the propagated noise can
be significantly reduced. The derivations assume a rising input transition. Similar results

have been obtained for falling input transitions.

Consider the CMOS inverter in Figure 3.1(a). We wish to determine the falling
output waveform V,(t) due to a rising input ramp Vi,(t) with rise time t,. Assume all
circuit capacitance is lumped into one grounded load capacitance C at the inverter’s
output and all voltages have been normalized with respect to Vpp. The charging of the

capacitance C can be expressed by

v
In" = _[u - CC_“_ 1
dt
where
=Bk, v, v,V 2], for (V,=v,)>Y,, and
=Ly, -n,) for (Y, =v,)<V;;

1, =BV, =1, Y =D(=17[2), for (V,~v,)<V, and

P
=&(V —1-v F, for (V,=v,)>V,

7 mn I in



Here B, (By) is the gain factor, and vy, (vy,) is the transistor threshold voltage

normalized with respect to Vpp of the NMOS(PMOS) transistors.

(0) (b) (€] {d)

Figure 3.1 CMOS inverter and its corresponding model when N and P MOS transistors
operate in different modes: (a) circuit, (b) PMOS in linear and NMOS in saturation mode,
(¢) both in saturation mode, and (d) NMOS in linear and PMOS in saturation mode.

When the input is first applied, the NMOS (PMOS) is in the saturation (linear)
region and can be modeled as shown in Figure 3.1(b), where we replace the NMOS by a
current source and the PMOS by a resistance. As long as the PMOS is in the linear

region, the circuit can be characterized by the differential equation

1 - - C— BMVIJI') (Vm -y, )2 .
R dt 2

P

With the initial condition V,= 1 when Vj, = vy,, integration yields

{11, )
‘Cl = P‘E’ e ( an _'Im) +B(V|u _1111) (3-1]

where

K=BVp/2C. P=2R’C'K [t} A==-R,CK, B=2R,’C’K /1, ,and

D=1-2R’CK/[1].



However, the on-channel resistance R, of the PMOS transistor in this model is not
constant during the input transition. R, is small (P-channel is fully ON) when the input is
small and becomes very large when the PMOS transistor saturates to become a current
source. Taking this non-constant property into account we modify the channel resistance
as a function of input waveform, namely, we set

1
R, = ;
" |ﬁ|uVI)U (Vlll == ”lp )l

where Viu(t) = t/t,.
When the input is rising and the output voltage drops to (Vip-vy), the PMOS
transistor goes into saturation. The circuit can now be modeled as shown in Figure 3.1(c)

and can be described by the equation

=

B,V » B, 2 v,
l 2’”’ (vm -1- 1,l,n )': ZDD (vj" =V ).+ 3 7 '

Integrating the above equation we obtain

v .
v, =Ll o Bk, P G
6C : 6
where M is a constant and can be obtained by using the boundary condition (V, =
Vin-Vyp) in both equations (3-1) and (3-2).
As the output voltage continues to drop, the NMOS transistor will eventually

operate in the linear region. The circuit can now be modeled as shown in Figure 3.1(d).

The equations characterizing this region are similar to the case in Figure 3.1(b).

Figure 3.2 shows the result of our new model. The input waveform is assumed to

be a ramp having a rise time of 250ps, and the load capacitance is 15fF. We use a rise
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time of 250ps because, as shown in [30], when an affecting line has a transition with a
100ps rise time, the slope of the rising edge of the crosstalk noise on the victim line is
about 250ps. The results using our model match SPICE results very well except for the
tail portion of the response. Note that the result based on ignoring the PMOS transistor

has a significant error.
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Figure 3.2 Comparison of analytic result of proposed model and SPICE simulations.

3.2 A Method to Collapse CMOS Gates

In this section we deal with the problem of propagating a pulse (noise) through a
NAND or NOR gate. We set the side fan-in’s to their non-controlling values. Our
approach for computing the output noise for a general CMOS gate is to collapse the gate
to an equivalent inverter and then apply the results in section 3.1. Collapsing techniques
have previously been used for computing propagation delay [26], [27], [28], [29]. The
methods presented in [26] treat series transistors as series resistors and add the widths of

parallel devices. This leads to an inaccurate estimate of delay. The approaches described
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in [27], [28] need either pre-characterization or DC analysis to determine some necessary
parameters, which is technology dependent and is not applicable in the ATPG process.
Although the approach in [29] provides a good estimation of propagation delay. the
predicted output waveforms do not match well with SPICE simulations. Since the
propagation of the noise depends heavily on the gate’s response, we have developed a

new but simple approach to collapse CMOS gates into equivalent inverters.

3.2.1 Series MOS

The effective transconductance. P.r of n series-connected transistors is
traditionally approximated as f/n. This approximation is valid only when the input is a
step function, all transistors operate in their linear regions, and they all have the same {3
value. Consider the pull-down NMOS chain of a CMOS NAND gate in Figure 3.3(b).
where the Vps and/or Vgs of each MOSFET in the series-connected chain is smaller than
that of the inverter (Figure 3.3(a)). Assume that all devices have identical § values. Also
assume that there are no more than 5 MOSFETs connected in series. When the input
transition is applied, the switching MOS first operates in the saturation mode and then
moves into the linear region. In addition, during the first part of the input transition all
transistors above the switching MOSFET operate in saturation and all those below the
switching MOSFET operate in the linear region. This results in the primary source of
error in the use of the /n approximation. Thus, to take this into account we need to

estimate Psr under various conditions of operations.

66



When the input transition first occurs, both the NMOS in Figure 3.3(a) and the
switching NMOS in Figure 3.3(b) are in the saturation region and thus Vg determines
the device current. For the single NMOS in Figure 3.3(a), assume Vs = Vigy is the input
voltage at which Vo, = 0.5 (i.e. Vpp/2). For the switching NMOS in Figure 3.3(b) to

conduct the same amount of current so that Vg, can drop to 0.5+ EVDS' , the input voltage
applied to the switching device must be v, + Z V,s' s where i ranges over all g

transistors below the switching NMOS. At the instant that the switching NMOS moves
from the saturation region into the linear region, the voltages across the ¢ MOSFETs
below the switching device are as indicated in Figure 3.3(b). Hence the summation term

is approximately equal to 0.14xq, and the estimated input voltage is (vi,y + 0.14xq).
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Figure 3.3 Pull-Down NMOS chains; (a) single NMOS, (b) series connected NMOS, all
values normalized w.r.t. Vpp.

Therefore when the switching NMOS is in the saturation region and the PMOS
transistor with its own effective f, in the linear region, the effective § for the pulldown

network is

inv

Bu EB[(VW +O.14xq)] =

As V,, continues to drop, the PMOS transistor in the pull-up network will go into
its saturation region and change its effective ,. To deal with this situation, one can
either modify the effective (3, directly or continue to modify the Py of the pull-down
network to compensate for the change in $,. We chose the later approach because we can

use interpolation to easily approximate the modification for (.
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Before developing the interpolation approach, consider the next region where the
switching NMOS goes into the linear region. Here the NMOS can be modeled as an on-
channel resistor except that its Vpg is not the whole output voltage drop and the devices
above the switching NMOS will move into the linear region one by one. Hence instead
of using the traditional By value of f/n, a correction term is needed. The effective

transconductance when a switching NMOS is in the linear region is approximated by

By =B ~mP where m is a constant determined empirically. We have found that m = 0.75
"

(shown in Figure 3.4) works well when the number of devices below the switching

NMOS range from 0 to 5, which is usually the case for a NAND gate.

Returning to the region where both the complementary PMOS and the switching
NMOS are in the saturation region, by interpolation from the other two cases presented,
we get

B =B,  m

) =1
n

By = Bl ey
i v.l)l'} = Vine FG

Because the above approximation involves the input V;, which makes it difficult
to find a closed-form solution, B can be further approximated by

By =B +(1-a)B,.

where @ is an experimental constant. We have found that .= 1/3 (shown in

Figure 3.5) works well when the number of devices below the switching NMOS range

from O to 5.
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Figure 3.4 Experimental results for selecting the empirical constant m: a) percentage error

w.r.t. the output signal delay
times.

time; b) percentage error w.r.t. the output signal rise/fall
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Figure 3.5 Experimental results for selecting the empirical constant o: a) percentage error

w.r.t. the output signal delay time; b) percentage error w.r.t. the output signal rise/fall
times.
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3.2.2

Parallel MOS

When propagating noise through a CMOS gate, since all side fan-in’s have to be

set to their non-controlling values, the parallel network is reduced to a single transistor

whose gate is connected to the switching input. Figure 3.6 illustrates the collapsing

technique. The input is a ramp having a rise time of 100ps and the load is 20fF. All

device sizes are (4u/0.8u) and we assume all capacitances are lumped into the output

load. The dash curve is the output waveform of the equivalent inverter obtained using the

collapsing technique, and the solid curve was obtained by SPICE simulation.
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Figure 3.6 (a) Circuit for collapsing NAND gate into an equivalent inverter, (b) model and

SPICE simulation results.
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3.2.3 Internal Capacitance

Internal capacitances are usually ignored when they are small compared to the
load capacitance, but often this is not the case when a large number of transistors are
connected in series. The easiest way to take into account the effects of internal
capacitance is to add it to the load capacitance. But this results in an overestimation of the
propagation delay and output transition time. Hence our approach is to model MOS
devices as ON-channel resistances and use the Elmore delay model to obtain the

equivalent load capacitance at the gate output.

Consider the pull-down NMOS chain shown in Figure 3.7(a). Since the transistor
M2 is ON before the input is applied to the switching device (Ml), the internal
capacitance Cp; is completely discharged. Also M0 is ON so C;, is charged. When the
input is applied, all transistors are turned ON and hence can be modeled by their linear

resistance as shown in Figure 3.7(b).

Figure 3.7 (a) Pull-down subcircuit of a NAND gate, (b) corresponding RC model to obtain
lumped load capacitance including internal capacitance, and (c¢) the circuit with all
capacitance lumped into the load capacitance.
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Using the Elmore delay model, the time constant for the circuit in Figure 3.7(b) is
Cp1(R1+R2)+Cipaa(Ro+R 1 4Ry), or equivalently C'o50(Ro+R1+R2) where

R, +R,

Coia = Chi +
i i R” + RJ + RJ

loud "

The above method is a first order approximation to lump the internal capacitance
to the output load and can be extended to multiple transistors above the switching MOS.

Inaccuracy can be minimized by a suitable choice of transistor resistance values.

3.2.4  Multiple Input Transitions

Computing t, (or t;) for transition signals is complicated when more than one input
of a gate switches. Consider a NAND gate with multiple (q) switching inputs. First we
apply the method in section 3.2.3 to lump all internal capacitances to the output load.
That is, all C,’s below the lowest switching MOSFET are discharged to “0” and,
depending on the current state of the circuit, either all other internal C,’s or only those
above the highest switching MODFET are added to the output load. Then. we re-order the
series connected MOSFETs so that the number of “ON™ transistors below the lowest
switching device remains the same as before, all q switching devices are then put in
series, and finally the remaining “ON” MOSFETs are put on top. The next step is to
merge all q switching MOSFETs into one equivalent switching device. This is
accomplished by setting the effective [ of these switching MOS to 3/q. Let the switching

inputs be Vinl, Vins....Vinl. The effective input is selected as the input V;,' to the MOS
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device such that ty+ t 2 t;;+ t; for all j, where t,; is the arrival time of transition i, and
t;; is the rise time of transition i.

Then the series connected MOS chain is reduced to the circuit model of Figure

3.3(b).

3.3 A Piece-Wise Linear Model for Noise

When a crosstalk noise (a pulse) passes through a gate, it can be either attenuated
or amplified depending on its amplitude H and width W. Figure 3.8 shows a simulation
result of crosstalk noise propagate through an inverter. In Figure 3.8(a) the output noise is
small. On the other hand, the input noise in Figure 3.8(b) is sufficient to produce a large
output pulse. Note that the output reaches its minimum after the amplitude of the input
noise starts to decrease. In addition, the output pulse is almost symmetric with respect to
tg. the time it reaches its minimum value.

There are two obvious ways to obtain the output waveform as a function of the
input waveform. The first is to use the crosstalk waveform equations developed in
Section 2.4 convolved with the equations described in Section 3.1. The second is to use a
piece-wise linear model of the input noise and approximate the output response using the
transformation developed in the previous sub-sections. The latter technique is preferred

because it is both accurate and computationally efficient. Let the value of the input

voltage be H when the output reaches its minimum. There are two instants of time where

75



the input has the value H', labeled t, and t, in Figure 3.8(b). We approximate the input
pulse waveform by three linear segments, as shown in Figure 3.8, namely
1. arising ramp from the start of the noise until the input reaches the value H at time
ton

2. aconstant value of H. and

3. a falling ramp from H at time t, and going through the point where the input
voltage drops to vy.
Assume H is a linear function of H, i.e., H = pH for 0<p<1. Experimental results

show that when H is in the range of 1-3.3V, p is in the range from 0.85-0.87. By using the
crosstalk pulse equations in section 2.4, the slope and time period of each segment can be
easily determined. We can apply this piece-wise linear approximation of the noise

waveform to the inverter model described in section 3.1 to obtain the output response.
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Figure 3.8 Crosstalk pulse passes through an inverter (a) a small input pulse, (b) a large
input pulse.
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To complete our model we need to set a critical voltage v, such that a pulse with
amplitude less than v, will be attenuated and one larger than v, will be amplified. This
critical voltage vy can be defined as the input voltage such that dV,/dVj, = -1. Since this
point resides in the region that is modeled by the circuit in Figure 3.1(b), the following

results are obtained from equation (3-1).

Pl
1V —xc :
Cow —pig B ey AV, -v, )+ B == (3-3)
dv R.C

.

Solving for Vi, we obtain the critical voltage v,. An approximate value of v, can
be found by using a Taylor series expansion for the exponential term.

If H is smaller than vy, the circuit model in Figure 3.1(b) is used to determine the
output response. First we apply the first segment of the noise waveform, i.e. the rising
ramp, to the model in section 3.1 and obtain the output voltage drop to V. at time t, as
shown in Figure 3.8(b). Then the second segment, a level voltage of value H is applied to

continuing discharge the output. Similar to the process in section 4.1, except the input is

now held constant at H, we obtain the output response as

V., =Pe/" s MR,C 1, <t<t,. (3-4)

our » qQ
where

2 1
" VB, (H'-1-v,,)Coef 1’

P = e%”'(v, - MR ,C) .
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1 VIJ.’J ﬁ n

R,C 2C

M= (H'-v,)*,

and Coefl is an experimental fitting coefficient and is a function of H.

The minimum output voltage obtained is Vou(ty).

For values of Vi, > vy, a change, dVj,, in the input voltage will cause a change,
dV,, in the output voltage such that dV, will be greater than dVi,, i.e. the circuit is in the
amplification mode. The circuit model in Figure 3.1(c) will be used to determine the
output response. Similar to the above process for the case of a small pulse, we obtain the
=Z-t+(v_,. —Z-rp) t,<t<t, where

output response as V,

out

_ ﬁ n Vi ' 2 ﬁﬂvrw 1 -
_{T(h’ "‘l"",,,) -2—C'(I_‘I "m) g

Again the minimum output voltage is V().

If the output voltage continues to drop, the NMOS transistor will pull out of
saturation and move into the linear region. and the inverter will no longer operate in the
amplification mode. The circuit model in Figure 3.1(d) is then used to calculate the output
response. The resulting equations for the output response are similar to equation (3-4).
except the roles of the NMOS and the PMOS transistors are interchanged and the

coefficients are different. Again the corresponding minimum output voltage is Vgu(ty).

After the output reaches its minimum voltage, the third segment of the model, the
falling ramp, is applied to the inverter model to obtain the recovery portion of the output
waveform. This is the reverse of the previous processes in obtaining the discharging
waveform. However, since we already observed that the output waveform is almost
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symmetric around ty, another approach to obtain the recovery portion of the output
waveform is just to reflect the discharging part of the waveform with respect to the axis
ty- The error caused by this “reflection” method is mainly in the tail portion of the output
waveform. Since the variance in the tail portion is less than the device threshold voltage

(Vin OF Vip), this approximation has a negligible effect on the results.

Propagation of this output pulse through the next level of gates is done in a similar
way. Figure 3.9 shows a comparison of this approach with SPICE results. Here we see
that for an input height equal to about v, — 0.2V, the pulse at OUT1 is about 0.7V and is
essentially zero at OUT2. For an input of about vy + 0.2V= V', the pulse at OUT1 is more

than V', and that at OUT?2 is almost 3V.

For crosstalk speedup and slowdown, a piece-wise linear model can be easily

constructed by using the arrival and transition times of a signal.
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Figure 3.9 (a) Circuit for measurement for input and output pulses amplitude H’: (b)
Comparison of the model and SPICE results.

Combining all the techniques described in section 3.1-3.3, i.e., the inverter model,
the method to collapse CMOS gates and the piece-wise-linear model, Figure 3.10 shows
the results of applying input pulses to the middle input of a 3 input NAND gate. The other

i1}

2 inputs are of course held at *1
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Figure 3.10 (a) Circuit for applying piece-wise-linear pulses; (b) Comparison of the model
and SPICE results (maximum pulse amplitudes).

3.4 Termination Conditions for Noise (Output Receiver

Characterization)

When a crosstalk noise effect reaches a primary output, it is important to

determine whether an error has been created or not depending on the severity of the noise.

We focus on combinational logic circuits whose outputs are either primary outputs or

pseudo primary outputs, that are data or clock inputs to storage devices. Pseudo primary
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outputs can be those devices that are very sensitive to noise such as sense amplifiers and
dynamic logics. For example, Figure 3.11 shows that the output of a dynamic gate may be
degraded if a pulse is applied to one of the inputs of the evaluation network. Figure
3.12(a) shows the severity of output degradation of a dynamic gate due to input pulses
with various amplitudes and pulse widths. We can see that the output voltage degradation
is proportional to the pulse’s amplitude and width. In Figure 3.12 (b), we vary the arrival
time of the input pulse with respect to the arrival time of the clock edge. The input pulse

is assumed to be a fixed size with 0.5Vpp amplitude and 20ps pulse width.

A clock ¢ is assumed to arrive at time 1 ns. As shown in Figure 3.12 (b). the input
pulse is completely filtered away when it arrived before 975ps, which is approximately
the arrival time of the clock minus the pulse’s width. If the pulse arrives after the clock
edge, then all the energy contained in the pulse will contribute to the discharge of the
output voltage and cause a large voltage degradation. If the pulse arrives between 975ps
and 1000ps. i.e. the clock edge arrives some time during the pulse’s period, then only a
portion of the pulse energy will be available to discharge the output, and the severity of

the output degradation will depend on the skew between the clock and input pulse.
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Figure 3.11 Circuit diagram for a output voltage degradation of a dynamic gate due to a
input pulse.

To illustrate one problem due to crosstalk slowdown, consider a setup time
violation of a flip-flop. Such a violation can result in metastability or a wrong output
value. Several different ranges of arrival times of input signal D were simulated to cover
a wide metastability region. Figure 3.13 shows the results of these simulations. The

output of the flip-flop exhibits metastable behavior.
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Figure 3.13 Setup time violation of a D flip-flop causes metastability.

Similar experiments can be performed to characterize the noise sensitivity of
various kinds of pseudo outputs such as latches, pass gate, and flip-flops. Once the
characterization process is done, when a noise reaches a pseudo PO one can determine
whether an error is created or not by setting a desired criterion and performing a simple

table look-up.

3.5 Summary

In this chapter several new results have been developed that can be used in our
ATPG system to efficiently and accurately generate tests for what is essentially an analog
effect, namely crosstalk noise. These results include new models for a CMOS inverter.
methods to calculate inverter output response for pulse inputs, a method for collapsing
CMOS gates into equivalent inverters, and a piece-wise linear model for pulses. These
techniques were integrated into a test generation framework (see Chapter 5) that takes

into account several attributes such as noise strengths and signal arrival times and

36



identifies test patterns that maximize crosstalk noise at POs while satisfying a given set of

Boolean and analog constraints.
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Chapter 4

Test Generation for Crosstalk Noise

Due to technology scaling and increasing clock frequency, problems due to noise
effects lead to an increase in design/debugging efforts and a decrease in circuit
performance. This chapter addresses the problem of efficiently and accurately generating
two-vector tests for crosstalk induced effects, such as pulses, signal speedup and
slowdown, in digital combinational circuits. These effects are becoming more prevalent
due to short signal switching times and deep submicron circuitry. These noise effects can
propagate through a circuit and create a logic error in a latch or at a primary output. We
have developed a mixed-signal test generator that incorporates classical static values as
well as dynamic signals such as transitions and pulses, and timing information such as
signal arrival times, rise/fall times, and gate delay. Conditions for the creation of the
worst-case coupling and propagation of a delayed signal are presented. We also present a
new analog cost function that is used to guide the search process. Comparison of results
with SPICE simulations confirms the accuracy of this approach, and experimental results

show that the method can be applied to circuits of reasonable sizes.

This chapter is organized as follows. In section 4.1, the value systems for the
proposed test generator is presented. In section 4.2 conditions for excitation and

propagation maximum crosstalk effects are provided. In section 4.2 a cost function for
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selecting noise sensitive path is derived. In section 4.4 we present our timing-oriented
ATPG. Section 4.5 illustrate our ATPG algorithm. In section 4.6 we discuss experimental

results. Finally. in section 4.7 we present a summary for this chapter.

4.1 Value Systems

In this section we present an ATPG algorithm to generate tests for crosstalk noise.
We focus on combinational logic circuits whose outputs are either primary or pseudo
primary outputs. This algorithm incorporates crosstalk by employing new logic values
and corresponding analog information, such as signal arrival times, rise/fall times, and
input arrival skews, and searches the space of all possible pairs of input patterns using a
significant modified version of a backtrace procedure [62]. A signal value in our test
generation system contains not only a symbol for its logic value, but also a set of
parameters for its corresponding analog properties. For a specific target crosstalk
coupling in a circuit and which we refer to as a c-fault, the objective of this test generator
is to generate, under given timing assumptions and requirements, a pair of vectors (a test)
that create a crosstalk effect at the target and either a logic error or the maximum noise
effect at an output. For example, in the case of crosstalk slowdown, given the timing of a
clock-edge, the test generator may generate tests that cause a victim line signal to
slowdown, and propagate the delayed signal in such a way so as to violate the given

timing requirement at a D input to a flip-flop. The symbols and value system shown in
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Table 4.1 are used. The analytic models for the computation of the associated parameters

are discussed in Chapter 3.

Table 4.1 Symbols and parameters used for test generation.

Symbols Associated Description
parameters
1 - constant |
0 - constant 0
P, t, H 4, b, te positive pulse
P, b Hu b, it negative pulse
i [ rising transition
Ty tas tr falling transition
S.T, L L speedup rising transition
S.Ty b L speedup falling transition
ST, L. L slowdown rising transition
SaTq [ slowdown falling transition
X - unknown

Description of parameters.

t,- arrival time, H', t,, ty, te as in section 3.3, t, - rise time, t;- fall time

Table 4.2 shows the truth table of out value system for an AND gate. Similar truth
tables have been derived for other gate types. In Table 4.2 each symbol is associated with
a set of parameters as shown in Table 4.1. The values of parameters of the output signal
are computed using models described in Chapter 3. For example, when both a positive
pulse (P,) and a rising transition (T,) appear at the inputs of a 2-input AND gate, the
response at the output may be a positive pulse if the input rising transition arrives earlier
than the input pulse. Since the transition arrives earlier, it is regarded as a “17. The

computation of the output pulse is performed as described in Chapter 3. Similarly, if both
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inputs have rising transitions, the output signal depends on the dominant input transition
(in this case the latest one) and the output response is again computed using analytic

models described in Chapter 3.

Table 4.2 Truth table for the value system for an AND gate.

1P o [T P, Py S, T, S, T, ST, STy X
P2
0 0ol o 0 0 0 0 0 0 0
[ T, | T, P, P, ST, S, Ty SyT, SaTa X
T, T, | 0" | Py, it T2 ST LSt o' SaTe, ta>ta 0’ X
0, ty <t T <t T <t
T Ty | Puta<to Ty 0' 8. i i<l 0 SiTaLicta | X
0, ty>1a Ty >l Tas >t
Pu 0. or P, or & 5 i i X
P’ ot
Pd Pd5 -b _0 _tl _(v X
S.T, ST, 0' > 2 X
5:Ti STy » " X
STy SqTy o' X
B4l BTy X
X X

- static hazard may occur but ignored

2

- muluiple pulses at inputs, if pulses arrive 1n such a way that 1,2t and <1, select the smaller one according to
simulation results; in this version only single pulse considered

s

: a possible dynamic hazard, bul treated as a simple transition, i.c., pulse is ignored
4: overlapped P, and Py may result in a small output pulse but is ignored

5: multiple pulses at inputs, select the larger one to create more significant pulse at the gate’s output; in this version
only single pulse considered

6: only one type of crosstalk noise is considered at a time, multiple effects or mixed-mode test generation not supported
in the current framework

7: multiple pulses at inputs, but non-overlapping or partially overlapped

8: completely non-overlapping input pulses, Py is considered as a static |

Note that several cases have been simplified to obtain transitive closure of the
truth table. For example, when a rising transition (T,) and a falling transition (Ty) are
applied to the inputs of an AND gate, there can be either a value implied by controlling
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value or a static hazard at the output of the gate, depending on the arrival time of the
transitions. Similarly, when both a negative pulse (Py) and a rising transition appear at the
inputs of a 2-input AND gate, the response at the output may be a rising transition or a
rising transition followed by a negative pulse (i.e.. a dynamic hazard). In the current
version, we focus mainly on the impact due to coupling effects on circuit performance.
Hence the static hazards as well as dynamic hazards are ignored in the current

implementation.

Our framework is limited in its capability to process multiple pulses at gate’s
inputs when timing is considered. For example, when multiple negative pulses appear at
the inputs of an AND gate, we propagate the largest pulse through the gate to create a
larger pulse at the output. If in fact the input pulses arrive in such a way that one pulse Pg;
contains other pulses Pg in time. i.e., ty <ty and tg >ty our approach produces a
reasonable result. However, if input pulses arrive at different times, then selecting the
largest input pulse to propagate may not be the optimal/correct choice. Propagating the
largest pulse may result in a significant noise at primary outputs, yet the noise may arrive
at such a time that it does not create a timing violation. In such a case, propagating a
smaller pulse with a different arrival time may indeed result in a smaller noise at primary
outputs but one that cause a timing violation. This deficiency in our current framework

needs further studies and should be considered in the future version.

Since our current framework is for a single coupling effect, only one type of
crosstalk noise, namely, pulse, speedup, or slowdown, is considered at a time. There is no

interaction between crosstalk pulse and crosstalk delay effects in the test generation
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process. If multiple coupling effects need to be considered, the truth table and/or the

value system must be expanded for the interaction between different types of noise.

4.2 Conditions for Maximizing Crosstalk Effects

Conditions that a two-pattern test must satisfy to generate a crosstalk effect of
maximal severity were derived using the expressions developed in section 2.4. There are
three objectives in creating a crosstalk effect of large severity: a weak driver on the victim
line (objective 1), a fast signal transition on the affecting line (objective 2), and a
propagation path that maintains/amplifies the noise effect until it reaches an output
(objective 3). These objectives are used to determine conditions to be satisfied for
maximizing the observed crosstalk noise. In Table 4.3 we list the conditions for each
objective for a NAND gate. Similar conditions are established for other gate types. The
objective line (affecting line, victim line, ...) is assume to be fed by a NAND gate.
Conditions in Table 4.3 are used by the backtrace process to select PI assignments that
maximize crosstalk noise. Note that for the propagation of a pulse (objective 3), only
constant values are allowed at side fan-in’s. This is because a transition aligned with a
noise pulse will significantly decrease the amplitude and width of the pulse. Since each
signal has an arrival time t, and transition time (,(t;) associated with it, the algorithm can
determine whether a signal transition occurs before, after, or at the same time as a pulse.
That is. a transition occurring long before (after) a pulse can be modeled as the final

(initial) value of that transition with respect to a pulse.



Table 4.3 Conditions for achieving three objectives (for a NAND gate).

Objective | Target value | Necessary condition Preferred Sufficient condition on
condition on side side fan-in
fan-in
1 0 All inputs are | - All'l
1 1 0 at one input All'l lorT,orTyor0
1 T Ty at one input All 1 lLorTy
1 Ty T, at one input All T, T,orl
2 T, T, at one input All Ty Tyorl
2 Ty T, at one input All 1 lorT,
3 P,(P,) P,(P,) at one input All 1 I when P(P,) arrives
3 STy S, T, at one input luor' T, All'l
3 S, Ty S, Ty at one input Tyorl All Ty
3 SqTy S4T, at one input T,or 1 AllT,
3 SqT4 S4Tq at one input lor Ty All 1

4.3 Cost Functions for Noise Propagation

Since the objective of this TG is to create the maximum noise at a primary output,
in addition to the conditions in Table 4.3 we need a cost function that can guide the
search for PI assignments as well a path from the source of the noise to an output.

The cost function contains a digital and an analog part. The digital part deals with
controllability and observability measures [31], and is used to break ties. The analog part
of the cost function is a measurement of the gate’s capability to propagate noise and is
dependent on the gate’s strength, i.e. effective {3, load capacitance, and gate type such as
static, dynamic, domino or latch. Consider a simple static gate such as the inverter in
Figure 3.1(a). When a positive pulse is applied to this inverter, the circuit model in Figure
3.1(b) and/or (c) are used to obtain the output response. Since the PMOS current reaches

its maximum when the transistor enters the saturation region, the influence of the PMOS
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in Figure 3.1(c) is greater than that in Figure 3.1(b). Re-arranging the differential equation

for the circuit in Figure 3.1(c) gives

’ ) ‘ VY
C v = V”“ (Vm Vi )_ ﬁu 1 _E’- = =
d’ 2 ﬁu vm s \!lu

V.'Jr 2
3 2
= ".}_ (Vm - Vm) Bm-” .

Thus the effect B, as a function of input Vj, is

) B,(Va-1-v, Y
el ]|

in m

The input Vi, can be any value between V., defined as the point in the DC
characteristic where dV,/dVi, = -1, and vy, so that B becomes a constant value and can
be used as an index to define the analog cost function. Since the capability for a noise to
propagate through a gate is proportional to the gates strength and inversely proportional

to the gate’s load, the analog cost function can be defined as:

ﬁp v\l_l_l"rp ’
""“‘ﬁ—,,(ﬁ]]

where Cq,q 1s proportional to the number of inputs and fanouts of the gate.

Cost =

We have defined an analog cost for different types of gates in the same manner.

This cost function quantifies the “difficulty” which a pulse encounters in
propagating through a gate. For instance, the load capacitance serves as a charge pool to

mitigate the noise, therefore the larger the output capacitance the smaller the output pulse.
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On the other hand, the larger the B the stronger the pull-down strength. Hence a small
pulse can easily discharge the output.

After the analog cost of each gate is obtained, the cost of a path can be obtained
by combining these cost values in a manner similar to calculation of observability costs
[31]. The computation of the analog cost of a path starts from the primary outputs (i.e. the
last level of the gates) and then the circuit is traversed backward to accumulate the cost of
each gate. Thus, to propagate a noise effect we can select a path whose cost is the lowest,
i.e. propagates the noise with maximum severity. If two paths have the same analog costs,

then the digital observability costs are used to break ties.

4.4 Timing Analysis

To excite a target effect at a specific time (or within a timing window), we first
need to obtain some delay information about the gates and paths in the circuit. We
associate with each signal line that has a transition a timing window, such as those shown
in Figure 4.1. The window is defined (bounded) by the minimal arrival (1) and maximal
arrival (12) times of the transition. Within this window the transitions with the minimum
(t3) and maximum (t4) transition times can occur in either order, i.e., 13 before 14 or w4
before 13. The window consists of these four transitions. Assuming that the device sizes
and output loads of all gates are given, the delay of a gate (assuming one input is

switching and other inputs have non-controlling values) can be estimated using standard
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delay format (SDF) [60]. For a gate g, assuming a timing window is given at an input of
the gate, by using SDF and additional computations one can derive the corresponding
timing window (four transitions) at the output of the gate. Figure 4.1 shows an example
where input x has a falling transition and output z has a rising transition. Timing windows
for various combinations of transitions (rising or falling) at the input and output of the
gate can be derived in the same manner.

7\ \8 \d \2 g_zﬂ//-gaﬁ/ﬁ

X
4 2-tuples similar to input x y—

71: transition with min. arrival time
2: transition with max. arrival time
3: transition with min. transition time
: transition with max. transition time

Figure 4.1 Computation of timing windows for a gate.

4.4.1 Forward “Arrival” Timing Window Calculation

The forward delay calculation performs a static timing analysis of the circuit.
Given arrival and transition times for signals at primary inputs, one can traverse the
circuit starting from PIs in a breadth-first manner to compute timing windows for each
line. During the computations for timing windows, in addition to the timing information
associated with each line, we also obtained min. and max. input-to-output delays for each
input of each gate. For example, for the gate g in Figure 4.1 with rising output transitions
and falling input transitions at input X, in addition to those four transitions comprising the

timing window for each line (input x or output z), there are also two delay values, min.
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and max. delays (indicating the minimum and maximum delays for propagating a
transition from input x to output z), associated with the gate. Similar information is also
obtained for input y.

If we would like a signal transition at a specific circuit node to occur near a

specific time, these values provide directions and/or choices for a backtrace procedure.

4.4.2 Backward “Required” Timing Window Calculation

The backward delay calculation computes signal required times. Required times
are timing windows in which signals are required to appear. Given required times of
signals at primary outputs, the calculation process starts at the outputs and traverses
backward through the circuit to calculate required times by subtracting proper gate delays.
which are obtained in the forward delay calculation process. Figure 4.2 shows the

computation of required times.

PO,

- min. delay k

e .

min.req max.req max.req(k) = MAX{max.req(k;)}|-P0

Figure 4.2 Computation of required times.
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From these required times, for a given node k, we can find the shortest and longest
paths in terms of time to the outputs by using require times of the outputs in the fanout
cone of node k. In addition, if a signal is to arrive at a specific time at a PO, we can use

these parameters to direct the search process in an attempt to satisfy this constraint.

4.4.3 Timing-Oriented ATPG

Once the static timing analysis has been performed, the timing window of
transitions on the affecting line (A) and victim line (V) can be obtained. as shown in
Figure 4.3, where r and s (p and q) represents the shortest and longest timing path from
the Pls to the affecting (victim) line, and y and x are the shortest and longest timing paths

from the victim line to an output.

Therefore a transition on A can occur no earlier than time r, and no later than time
s. Similarly, the timing window for line V is within [p, q]. Also for any signal transition
on the victim line to occur in the time interval [T-x, T-y], there is a chance that this signal
(on V) will reach a PO at or after the time T, which will result in a possible timing
violation, say, a setup time violation. However, since transitions at A and V can have a
certain amount of skew and still slowdown each other, the amount of skew, z, should be
included in the computation of the overlapping window. Hence the targeted timing
window is the intersected time interval [T-x-z, g+z] in which both transitions on A and V

can occur to have an effect that may create a timing violation at an output. Note that if
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this interval [T-x-z, gq+z] is null, no crosstalk effect for this target can cause a problem at

an output.
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Figure 4.3 Timing window of transitions on the affecting (A) and victim (V) lines, where z
is the skew allowed on A.

4.4.3.1 Objectives for Crosstalk Delay

In this section we will consider only the case of crosstalk slowdown. There are
five important objectives in creating a slowdown effect of large severity at a specific
time.

Objective 1: a late transition on the affecting line

Objective 2: a strong driver on the affecting line,

Objective 3: a transition (opposite direction to that of the affecting line) on the

victim line, with a skew bounded by = ¢ time units
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Objective 4: a weak driver on the victim line,

Objective 5: a propagation path that delays the target slowdown-signal as much
as possible until it reaches an output.
These objectives are used to determine conditions to be satisfied for maximizing

the observed crosstalk noise.

Objective 2 and 4 determine conditions that a two-pattern test must satisfy to
generate a crosstalk effect of maximal severity, which were presented in section 4.2 using
the expressions developed in section 2.4. Objective 3 provides the maximum acceptable
skew between affecting and victim line such that the crosstalk effect is significant. As
stated in Section 2.4, for our example the crosstalk slowdown effect is maximum if both
the affecting and victim lines switch at the same time, as shown in Figure 4.4. We can
also see that signals on the affecting and victim lines can be skewed and still result in a
crosstalk speedup/slowdown effect. The circuit that is used to derive the expressions for
Figure 4.4 has a typical gate delay of 100ps. The maximum delay due to crosstalk is 46 ps
or about 46% of a gate delay. If the skew between the affecting and victim line signals is
one gate delay and the affecting line signal arrives earlier, then we still have 23/46 = 50%

of the maximum crosstalk slowdown effect.
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Figure 4.4 Amount of speedup and slowdown on the victim line V vs. skew z: a negative z
implies A leads V.

Since some amount of skew is acceptable to have a significant slowdown effect. a
skew, say, up to one gate delay, is allowed for the victim line signal, and we target the
arrival time of the victim line signal to be within the window which is defined as the
arrival time of the affecting line signal plus the allowed skew. Then this timing
requirement is translated into the timing-oriented backtrace procedure, described in the

next section, to find a test to achieve the desired transition on the victim line.

In summary, together with objective | and 5, we try to create on the victim line a
late transition which is slowed down as much as possible due to crosstalk, and propagate

this effect through a long path to an output to cause a timing violation.

4.4.3.2 Timing-Oriented Backtrace Procedure

In our test generation process, each objective is a 3-tuples of the form of

obj(value, timing, condition), where value is the desired signal value, namely a transition
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or static value; timing is the target timing requirement that can be specified as earliest,
latest, a window or a specific value; and condition is the constraint that specifies whether

we want a fast or slow transition, or strong or weak static value.

When an objective is processed, first we check for the existence of a compatible
and incomplete pattern at gate inputs. For example, consider an objective to have a falling
transition at the output of gate g, as shown in Figure 4.5. We check if the desired target
timing window [z,, z,] overlaps with the timing windows [A{™", A{™] that we obtained
from the timing analysis described in section 4.4, where A™YA{™ denote the
minimum/maximum arrival times for falling transitions. If not, then the desired objective
cannot be achieved and a new objective must be selected. Next we check whether existing
input signals at gate inputs violate the desired output value. For example, as shown in
Figure 4.5, for a desired falling transition at the output, only rising transitions or static 0’s
are allowed at inputs. If during previous implication process a falling transition has been
assigned to one of the inputs, then again this objective cannot be achieved and a new

objective must be selected.

Vo

[21322]
ViZO or _J—‘/

Figure 4.5 Check for the existence of a compatible and incomplete pattern at gate inputs in
processing objectives.
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If the objective seems to be achievable, then for inputs having unknown value
“X", we backtrace and search for a pattern to achieve the objective. For the input on
which we select to backtrace, we compute the new target timing window [z-djmux. Z2-
dymin], Where dymax/dimin are the max/min gate delays from that input to the gate’s output
under the desired transition (falling transition in this case), as shown in Figure 4.6. The
dax/dmin delays are obtained from the static timing analysis described in Section 4.4.
Then the new target timing window is inserted into the new objective for the input we

selected to backtrace, and we continue the backtrace process recursively.

i
[Armin Armax] 1_gelay d4

Vo \

target timing window = [z;, z]

[Armin, Almax]

target timing window = [Z;-Q1max, Z2-Q1min]

Figure 4.6 Recursive execution of the backtrace process.

The third parameter in our objective is the condition that is used for side-fanin
assignments. There are many patterns that can achieve a desired transition on a line with
different transition times. For example, to create a falling transition at the output of a two-
input NOR gate, both inputs having a rising transition will lead to a shorter gate delay
than when one input has a rising transition and the other is held at constant 0. These
conditions for side-fan-in assignments that help to create a faster transition were

identified in section 4.2. Table 4.4 shows conditions for creating a fast transition at the
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output of a NAND gate. The procedure for side-fan-in assignments is similar to the one

described in the above subsection.

Table 4.4 Conditions creating a fast transition at the output of a NAND gate.

Target value at Necessary Preferred condition | Sufficient condition on side
e gate’s oUlHN Condition on side fan-in fan-in

T, T, at one input All Ty Ty orl

Ty T, at one input All 1 lorT,

However, not only a transition is required, but also the arrival time of the
transition is important. It is necessary to check the timing of the side-fanin assignments so
that they won't invalidate the transitions already established. For example, assume that
we would like to create a rising transition at the output of a 2-input NAND gate.
According to the conditions in section 4.2 we would prefer having both inputs as falling
transitions. But if two falling transitions are applied to a 2-input NAND gate, then the
earlier transition is the one that controls the timing of the output transition. Hence if we
already had a falling transition with the required timing on one input to this NAND gate
and the new input has a transition with an earlier transition time, then we may want to
discard this transition and try to set this input at a constant “1”. Thus, conditions for

setting arrival times have higher priority than conditions for switching times.

4.4.3.3 Incremental timing refinement
Static timing analysis provides a min-max range for possible transitions on each

line. The min-max range is due to unspecified input values. At each ATPG step, as more
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primary inputs get assigned values, more internal lines have known values and min-max
timing ranges shrink due to recalculation of arrival, transition and required times. Hence
as we dynamically update the timing information of signals, min/max timing ranges are
refined to provide better timing information. Figure 4.7 illustrates the idea of the output

incremental timing refinement.
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Figure 4.7 Incremental timing refinement: a) before refinement, b) after refinement.

4.4.3.4 Selection of Propagation Paths

Once the transition signal is created on the victim line and is slowed down by the
coupling effect from the affecting line, we want to find a path to further delay the signal
as much as possible until it reaches an output. There are two situations for slowing down
a signal: by side-fan-in assignments and by fan-out branch selections. For example.
consider a late (slowdown) rising transition at one input of a 2-input NAND gate. To
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sensitize the gate to this slowdown signal, the other input of the NAND gate can be either
a “1” or a rising transition no later than the slowdown signal. Note that if the side fan-in
transition occurs much earlier than the slowdown signal then the side fan-in transition can
be regarded as a static “1”. However, if the side fan-in transition switches at the same
time as the slowdown signal, then the output transition time will be further delayed [46].
The other alternative for a slowdown signal to reach an output late is to select a longer
propagation path. Since we have already performed timing analysis of the circuit as
described in Section 4.4, the longest delay path from a node to an output can be easily

found.

4.4.3.5 Conflicts between Objectives and Backtracking

In an attempt to achieve the above objectives, there may be some occasions where
some decisions made for earlier objectives block the chance of satisfying new objectives.
Whenever these situations occur, backtracks are preformed until all objectives are
achieved or it is determined that no test exists. For example, we may be able to achieve a
fast affecting line transition by having all side fan-ins properly assigned, but this may
make the desired transition on the victim line impossible to achieve. Hence an immediate
backtracking is required to make an adjustment to the PI assignments for creating the
affecting line transition so that the victim line transition can be created. Backtracks may
affect the quality of the resulting test, for example, they may lead to a stronger victim line

driver. The algorithm employed will explore all possible PI combinations so that the best
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test, if one exists, will be eventually found. So, unlike PODEM which employs a
constraint satisfaction search process, our algorithm attempts to maximize an objective.
such as maximizing the delay (slowdown) of a signal transition. In the next section we
describe a branch and bound technique that evaluates the quality of a partial vector

obtained during the TG process, and tries to limit our exploration in the search space.

4.4.3.6 Branch and Bound Process to Reduce the Search Space

The order and procedures for processing the objectives provides a way to create a
significant crosstalk effect at an output. They help to find a good solution in an efficient
way but they do not guarantee finding an optimum solution. Since there are usually data
dependencies between the objectives, it is hard to find an optimum solution without
considering more of the circuit’s electrical and topological properties. Our algorithm
searches all possible PI assignments to achieve the objectives. To reduce the time

complexity of the algorithm we propose to use a branch and bound process.

First, we associate with each gate G a variable Q(G). This variable is used to
record information about that crosstalk effect that has passed through gate G and has
produced the largest amount of slowdown. The initial value of this variable is zero for all
gates. Assume the test generation process begins and all the objectives are achieved one
by one. When a test vector is found, that is, a crosstalk slowdown signal is propagated to

an output at time T (hence a timing violation occurs). we record information about the
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crosstalk slowdown signal on all gates along the propagation path starting from the victim

line to the output.

Via backtracking, the test generation continues in order to find a “better” test. If
another crosstalk effect reaches gate G, where Q(G) # 0, then we check whether it is
possible that this new crosstalk signal will reach a PO later than the recorded Q value.
For a node k in the circuit, the longest path delay from k to a PO reachable from k is
(Rimax — Brmin), where Bpyy is the minimum required time of line k and Ry is the maximun
required time of all POs reachable from k, as shown in Figure 4.8. Required times are
timing windows in which signals are required to appear. Hence we can easily predict the
worst case arrival time at a PO as o = {the arrival time of the crosstalk effect at G + delay
of gate G + (Rpux — Bmin) }. If @ is greater than €2, then we continue because the test being
constructed may potentially be better than the one we found previously. If not, then we
drop this gate from the noise frontier and try another gate in the noise frontier. Thus the
Q variables serve as a bound to limit our search process. If we actually find a new test,
then we process the gates along the propagation path and update their € values
accordingly. We can prune the space even more by only considering paths from G to POs
that are potentially sensitizable, i.e., have not been blocked by previously assigned PI

values.

As the test generation process continues and tests are generated, more gates will

be assigned non zero values for the € variable and the search space will be further
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limited. The efficiency of the ATPG process improves by about 20 % due to this branch

and bound process.

Rmax = max. required time
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Figure 4.8 Branching and bounding process, where A is the delay of gate g.

We also implemented the x-path check technique to reduce the search efforts. In
the x-path check process we not only check if a path has been blocked by previous
assignments, but also we check if a noise can reach primary outputs and cause a timing
violation. If a noise may reach a primary output, bit it arrives at such a time that it does

not create a timing violation, this noise is also removed from the noise frontier.

4.5 Test Generation Algorithm

4.5.1 Main Test Generation Algorithm

The algorithm consists of five major steps to achieve the objectives. When a test
is found, then it is recorded and relevant signal information along the propagation path is

stored in the & variable to be used for branch-and-bound. Backtrack is performed to
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explore the search space until all PI combinations have been implicitly tried. The

flowchart of the algorithm is shown in Figure 4.9.

The outline of the algorithm is as follows.
Perform timing analysis of the circuit.

Upon START, check the timing windows for when transitions on the affecting and
victim lines should occur, and determine if it is possible to create a timing violation at
a PO.

The initial objectives are to set desired values on the affecting and victim lines.
Conditions and recursive procedures discussed in Section 4.2 are used to guide the
timing-oriented backtracing direction so that a weak victim line driver and a fast

transition on the affecting line can be satisfied under the desired timing requirements.

Once these assignments are made, forward imply and evaluate the actual transition
rate on every line. Then create the crosstalk signal on the victim line. The analytic

models used for creation of crosstalk effect are presented in section 2.4.

We utilize the path delay information from timing analysis to select a path to
propagate the crosstalk signal to a PO. The path delay is obtained by utilizing required
times obtained in the backward delay calculation. We select a path from the current
site with the longest path delay for the slowdown case (shortest for the speedup case).
When propagating a slowdown signal through a gate, side fan-ins are assigned to see

if they can further delay the crosstalk signal.
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6. If the noise effect (crosstalk slowdown) has not reached a PO, then one of the internal
signal lines that has a “noise signal” value is used as an objective to propagate a noise
to outputs. If the noise effect reaches a PO, then the PI assignments are recorded as
the test. The values of the Q variables of all gates along the propagation path are
updated.

7. Because we desire a test that creates the maximum slowdown at an output, we
continue to backtrack so that all possible PI assignments are explored. By the branch
and bound process we expect to generate better tests as we continue processing and

the search space continues to be reduced in size.

8. Only the signal value 0, 1, T, or Ty can be assigned to primary inputs. Whenever a PI
is set to a value the implication procedure is performed and the analog timing

information, i.e., rise/fall times and/or arrival times. of some signals are re-computed.

The test generation process including objectives, conditions and procedures for
crosstalk speedup is similar to that of the crosstalk slowdown process discussed above,
except that we want to excite a speedup signal as early as possible and propagate it to a

PO through a path with the shortest path delay.
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4.6 Experimental Results

4.6.1 Crosstalk Pulse

In this section we illustrate the proposed algorithm. Consider the example in
Figure 4.10. The channel lengths of all devices are 0.35um and under each gate we
indicate the ratio of widths of the PMOS to NMOS FETs. The gain factor ratio of the
NMOS to PMOS in the technology file used is 3.8. All wire and gate capacitances
correspond to a realistic layout. Gate sizes are computed to achieve signal transition times
of 100ps. Primary inputs are assumed to have signal transition times of 100ps.

Assume that the sub-circuit on the left side of the dash line is 1000um apart from
the sub-circuit on the right side of the dash line. Hence lines 14, 9 and 13 are assumed to
be about 1000um long and 4 um wide. In addition, assume that line 13 is the affecting
line in metall, line 9 is the affected line in metal2, and they are overlapped so that there is
a significant coupling between them. The gate driving line 13 is assumed to be a buffer

which has a strong driving strength.

114



(15/4)

s
J;:
s
s
&
1
(3]
e

{3.801)
3 (aam) |16

“victim

5 e
@an)
R

alfecting

(1514)

~3 -
gol
=
7

wn

5]
m

1
1
I
1
1
1
|
]

(32)

Figure 4.10 Example circuit to illustrate the algorithm.

Assume that we would like to create a positive crosstalk pulse on the affected line
9. First we examine whether a constant 0 has been set on the affected line or not. Since
the gate A is a NAND gate, all its inputs have to be set to “1”. By backtracing a possible
PI assignment setting PI3 to 1, PI6 to 1, and PI4 to 0 is found. Next we attempt to create a
rising transition on the affecting line. By using the analog cost function, gate B has a low
cost compared to gate C and thus PI2 is selected first and set to a falling transition.
According to the conditions for having a fast transition on the affecting line, the preferred
side fan-in’s of gate B are “0”. Hence, either PIl or PI7 is set to 1.

By implication the affecting line starts to transit at time 45ps with a rise time
62ps. We calculate the crosstalk noise waveform (strength) according to equations in
section 2.4. The crosstalk noise has an amplitude of 1.62V with the peak time at 95ps. To
propagate this noise, the propagation path has to be sensitized and hence PI5 is set to 0.

Since the path through the gate driving line 10 is blocked by the assignment of PI4 to 0.
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the only observation point is line 17. The noise at line 11 has an amplitude of 1.19V and
the inverter attenuates this pulse so that no significant noise is obtained at the PO line 17.
The comparison of the model result and SPICE is shown in Table 4.5. This result is not
surprising because of the nature of the 0.35um technology and the static gates used in the
example. In SCMOS 0.35um technology the dielectric material between metal 1 and
metal 2 is still thick enough so that the coupling capacitance is not sufficiently large o
create a severe crosstalk problem. In addition, static gates are usually well balanced for
pull-up and pull-down capability which in turn weakens the noise, unless the noise is very
large.

Another experiment was performed to see whether the noise is worse for dynamic
logic. Gate D was replaced by a dynamic gate with a minimum-size weak keeper. This
dynamic gate is very sensitive to noise. The experiment results are shown in Table 4.6.

From Table 4.6 we see that significant noise is created at the primary output.

Table 4.5 Comparison of the model and SPICE results.

Noise site (line 9) Line 11 Primary output (line 17)
Para- Noise Peak | Start Noise Peak | Start Noise Peak Start
meter amplitude | time | ume | amplitude | time | time amplitude lime tme
Model 1.62 95 45 1.19 143 71 0 - -
SPICE 1.604 100 42 1.17 150 78 0 - -

Table 4.6 Comparison of the model and SPICE results for circuit with dynamic gate D.

Noise site (line 9) Line 11 Primary output (line 17)
Para- Noise Peak | Start Noise Peak | Start Noise Peak Start
meter amplitude | tme | time | amplitude | time | time amplitude time time
Model 1.62 95 45 2.40 162 70 3.24 241 120
SPICE 1.64 100 42 242 170 76 3.20 250 125
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We next analyzed the static circuit using data from the SIA97 roadmap [32].
Assuming a clock rate of 1G Hz, we obtained a maximum pulse height of 0.67xVpp on

line 9 and 0.76x Vpp on line 11. Hence a significant error exists.

The test generation algorithm described was implemented in the C programming
language and applied to several ISCAS 85 benchmark circuits. The program, called
XGEN., was run on a Pentium II 400 MHz desktop. Since no circuit information. such as
crosstalk fault locations, polarity of transitions causing crosstalk fault, coupling
capacitance, and layout information, is currently available to us for these circuits, the
affecting and victim lines’ driver strength and coupling capacitance value are assumed to
be sufficient to excite a significant crosstalk noise at a fault site. We assume all
transistors are 0.35um in length, the affecting line is driven by a large driver (28um
PMOS/8um NMOS), the victim line is driven by a small driver (7um PMOS/2Zum
NMOS), and they run parallel to each other for a distance of 1000um. All other gates and

wires are assumed to have default device sizes and load capacitances.

Two sets of experiments are performed. In the first experiment a single crosstalk
fault is targeted and the proposed algorithm is used to generate all possible tests for the
target fault. Test vectors associated with corresponding pulses at POs are recorded so that
the test creating the worst case pulse at a PO can be identified. The experimental results
are shown in Table 4.7. In Table 4.7 PO denotes primary output (number is the node
number), first_p_amp is the height of the pulse at the fault site, and amp at the end of
each line is the amplitude of the pulse at the corresponding output. Pulse amplitudes are

normalized with respect to Vpp. The output statistics lumps the output pulses into voltage
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ranges. The results correlate well with SPICE simulations. Similar experiments can be

performed on other ISCAS circuits with large number of nodes.

In the second experiment, for each circuit, 100 pairs of affecting and victim lines
are selected at random without considering the circuit structure. A preprocessing step is
performed so that the victim lines selected are located on critical paths. The proposed
algorithm is applied to generate one test for each fault. Since a thorough search for test
patterns for these many faults may require many backtracks, the maximum number of
backtracks per fault is limited to 1000. The pulse size threshold is set to 0.2 Vpp, and any
pulse smaller than the threshold will be filtered out. Results of the experiments are shown
in Table 4.8 and Table 4.9. In Table 4.8 there is no timing criterion set at primary outputs
and in Table 4.9 the longest path delay is set as the timing criterion at POs. For the latter
case a large pulse must occur at or after the specified time value for it to be considered a

problem.

In Table 4.8 and Table 4.9, Column 2 shows the percentage of faults for which
tests can be successfully generated. Column 3 shows the percentage of faults for which an
appropriate test does not exist to propagate a crosstalk fault to a PO with significant
amplitude (i.e. >0.2Vdd), and Column 4 shows the percentage faults for which the
number of backtracks exceeds the maximum setting and the TG process was aborted.
Column 5 indicates the TG efficiency (Column 2 plus Column 3 divided by 100), and

Column 6 is the CPU time to generate test patterns, expressed in seconds.
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Table 4.7 Results of experiment 1: all tests for a single fault.

Circuitcl7.1
Affecting node 16 with rising transition,
Victim node 10 with value 0
Total 3 set of vectors: 12 out of 1024 combinations
1TyIT X first_p_amp=0.692 PO=22 type=P, amp=0.897
1 Ty 10X first_p_amp=0.642 PO=22 type=P, amp=0.775
1HIT,X first_p_amp=0.659 PO=22 type=P, amp=0.822
Output statistics
0.2-0.4Vdd 0.4-0.6Vdd 0.6-0.8Vdd >0.8Vdd

0 0 1 2

Total CPU run_time = 1 seconds

Table 4.8 Result of experiment 2: one test for each fault; Number of faults = 100; no timing

criterion set at POs.

Circuit Successful TG (%) TG ATPG TG
e Detected | Undetectable | Aborted | Efficiency (%) | time (s)
(%)
C432 33 56 11 89 1164
C880 41 46 13 87 1324
C1355 33 48 19 81 3866
C1908 50 34 16 84 2698
C2670 33 55 12 88 4542
C3540 29 49 22 78 4133
C5315 43 48 9 91 7090
C7552 31 58 11 89 7882
Average 36.625 49.25 14.125 85.875 4087.375
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Table 4.9 Result of experiment 2: one test for each fault; Number of faults = 100; the
longest path delay is set as the timing criterion at POs.

Circuit Successful TG (%) TG ATPG TG
e Detected | Undetectable | Aborted | Efficiency (%) | time (s)
(%)

C432 5 74 21 79 1246

C880 7 75 18 82 1648
C1355 5 70 25 75 3968
C1908 16 65 19 81 2508
C2670 7 72 21 79 4867
C3540 4 70 26 74 4614
C5315 11 74 15 85 7745
C7552 9 77 14 86 8651
Average 8.0 72.125 19.875 80.125 4405.875

As we can see from Table 4.9, if there is a timing criterion set at primary outputs,
then some large crosstalk effects that reach primary outputs may not violate the timing
requirement and the program continues. The process terminates when either 1) a crosstalk
effect reaches a PO and violates the timing constraint, 2) the search space is exhausted
hence no test exists, or 3) the backtrack limit is reached and the process aborted.
Therefore the percentage numbers in Column 3 and 4 increase, but the ATPG efficiency

decreases. Since it takes time to search the PI space. the CPU time increases.

Another experiment was performed to investigate the relationship between the
detection rate and the threshold used to filter small pulses. Figure 4.11 shows that if we
increase the threshold, some pulses that propagate to outputs are filtered away, and the
percentage detection rate decreases. An obvious example is that if we set the threshold to

be 1, then the detection rate becomes zero.
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Figure 4.11 Detection rate vs. pulse threshold.

We also perform following experiments to investigate the dependence of detection
rate on coupling capacitance, the ratio of affecting line to victim line driver strengths. and
the signal transition times on primary inputs. Figure 4.12 shows that as the coupling
capacitance increases. the crosstalk effect becomes more severe and hence the detection
rate increases. Figure 4.13 shows that the detection rate increases as the affecting line to
victim line driver ratio increases, because a stronger affecting line results in a larger
coupling effect on the victim line. Figure 4.14 shows that the detection rate increase as
the signal transition times at primary inputs decrease. This is because that if we make
signal transitions faster at primary inputs, the transition that will occur on the affecting
will also transit faster, which results in a larger crosstaslk effect and leads to a higher
detection rate. These experimental outcomes confirm with the results we obtained from

analytical expressions in Chapter 2.
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Figure 4.14 Detection rate vs. signal transition times at primary inuts.

Although in the preceding experiments the device sizes, coupling capacitance, and
related information are artificially inserted, the results in Table 4.8 and Table 4.9
demonstrate that the proposed algorithm can generate tests for circuits of reasonable sizes
within acceptable amount of time. That is, if all appropriate circuit and layout information
is available, our algorithm can identify whether a significant crosstalk fault can be created
and propagated to POs and generate an appropriate test.

Since the execution of the proposed algorithm requires a non-trivial amount of
calculation time, test pattern generation for all signal pairs of a complex circuit is not
practical. Therefore, only critical pairs of lines should be targeted. The selection of these
critical lines should be based on the circuit configuration, manufacturing process

information, layout, designer’s knowledge and other relevant information. This



information is typically known in advance to the TG process, and should enable exclusion
of many targets that cannot possibly cause errors at outputs. Thus, unlike stuck-at faults.
we believe most circuits would have very few actual target crosstalk faults. In a separate
piece of work, we are working on a preprocessor that prunes the space of targets to select

a small set of potential targets that require process via XGEN.

4.6.2 Crosstalk Delay

In this section we illustrate the proposed algorithm for crosstalk delay. Consider
the circuit shown in Figure 4.15. The channel length of each device is 0.35um and under
each gate we indicate the ratio of widths of the PMOS and NMOS FETs. The gain factor
ratio of the NMOS to PMOS FETs in the technology file (MOSIS 0.35um) used is 3.5.
Assume that the sub-circuit on the left side of the dash line is separated by 1000um from
the sub-circuit on the right side of the dash line. Hence lines 14, 24 and 13 are assumed to
be about 1000um long and 4 um wide. In addition, assume that line 13 is the affecting
line in metal2, line 24 is the victim line in metal3, and they are overlapped so that there is
a significant coupling between them (C,, = 280 fF). The gate driving the affecting line 13
is assumed to be a buffer that has a strong driving strength. Gate sizes are computed (0
achieve signal transition times of 100ps. Primary inputs are assumed to have signal
transition times of 100ps. All wire and gate capacitance correspond to a realistic layout,

and gate delay is estimated as 110 ps for each gate.
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Figure 4.15 Example circuit to illustrate the algorithm.

There are six levels of gates from PI to PO. Assume that a 25 ps margin is allowed
for each gate and in an aggressive design the clock period is set as (110 + 25) x 6 = 810
ps. Assume that we would like to create a crosstalk slowdown (falling transition) on the
victim line 24. First we examine the timing windows for the affecting and victim line
transitions. Both the affecting and victim line transitions can occur in time interval [220.
440]. By backtracing a possible PI assignment can be found where lines 1, 2, 6, and 9 are
set to 1: lines 3, 10 set to 0; line 8 set to a rising transition; and lines 4 and 11 set to a
falling transition. All conditions for side fan-in assignments are met to have the affecting

line transition fast and the victim line transition as slow as possible.
By implication the affecting line starts to transit at time 437 ps with a rise time of
136 ps, and the victim line starts to transit at time 454 ps. We then calculate the crosstalk

noise waveform according to the equations in section 2.4. The crosstalk slowdown signal

on the victim line has an overshoot and a fall time of 370 ps. The waveforms for the
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affecting and victim line signals are shown in Figure 4.16, with the time when the
affecting line starts to transit set to zero. Because of the crosstalk effect, there is an
increase of 142 ps on the signal delay (50% input to 50% output). This increase is due to

both the change in signal slope and the overshoot.

To propagate this slowdown signal, the propagation path has to be sensitized and
hence line 5 is set to 0. The slowdown signal propagates to line 17 at a very late time of
811 ps, which violates the timing requirements. Continuing the test generation process by
backtracking in order to explore all PI combinations will find the best test that creates the
worst case delay. However, since the test we found already creates the fastest affecting
line transition and slowest victim line transition under the timing requirements, the
branch-and-bound process keeps pruning the search space and the test we found is

eventually declared as the worst case test.
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Figure 4.16 Waveforms on the victim and affecting lines.
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Two sets of experiments were performed. In the first experiment a single
crosstalk delay fault is targeted and the proposed algorithm used to generate all possible
tests for the target fault. Tests associated with corresponding crosstalk delay that cause
timing violations at POs are recorded so that the test creating the worst case timing
violation at a PO can be identified. The results are shown in Table 4.10. All units are in
pico second. The results correlate well with SPICE simulations. The timing criterion in
Table 4.10 is the longest path delay of the circuit plus an extra delay slack of one gate
delay. In Table 4.10 we can see that if there is no crosstalk effect (Cp, = 0), then there is
no timing violation at any primary output.

As we increase the coupling capacitance, the victim line signal become more
delayed and its transition time increases. Also more test vectors can propagate the
crosstalk delay signal to POs. This is because the delay slack is equivalently reduced and

some vectors that could not cause timing violation before can do so now.

In the second experiment, for each circuit 100 pairs of affecting and victim lines
are selected. If the selection of targets is completely random, then approximately 20 — 25
% of the targets have affecting and victim timing windows that do not overlap. Hence we
preprocess the selection of targets so that the affecting and victim lines have overlapping
timing windows. In addition, the victim lines are also located on critical paths so that a
crosstalk effect propagating through these paths can have a chance to cause a timing
violation. The proposed algorithm is applied to generate one test for each fault. The

maximum number of backtracks per fault is limited to 1000. Results of the experiments



are shown in Table 4.11 (no timing criterion) and Table 4.12 (the longest path delay is set
as the timing criterion).

From Table 4.12 we can again see that if there is a timing criterion set at the
primary outputs then some crosstalk effects that reach primary outputs may not violate the
timing requirement and hence become either undetectable crosstalk effects, or the TG
aborts. The results in Table 4.11 and Table 4.12 again demonstrate that the proposed
algorithm can generate tests for circuits of reasonable sizes, within an acceptable amount

of time.
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Table 4.10 Results of Experiment 1: all tests for a single fault.

Circuit C17: affecting node 10 with a rising transition, victim node 16 with a falling transition.

Tests Arrival time of the Transition time of Arrival time of the crosstalk
(x100ps)

Cm=0fF

0 test found

Timing criterion = 335

No slowdown timing violation at POs

Cm =200 fF

8 tests found

Timing criterion = 335

Tyl Tyl0 213 283 335

Tl Tyl Ty 213 283 335

TyT 1 T40 214 287 339

TeT ATTy 214 287 339

Tyl1T40 214 287 339

Tyl ITyTy 214 287 339

LIT410 214 287 339

LIT,IT, 214 287 339

Cm =300 fF

16 tests found

Timing criterion = 335

T, TT,0 251 318 386
: (14 tests deleted)

I1Ty4ITy 255 324 394




Table 4.11 Results of Experiment 2: one test for each fault; number of faults = 100; no
timing criterion set at POs.

Circuit Successful TG (%) TG ATPG TG
name Detected | Undetectable | Aborted | Efficiency (%) | tme (s)
(%)

C432 35 55 10 90 1019

C880 28 63 9 91 1553
C1355 16 67 17 83 3173
C1908 33 54 13 87 2562
C2670 17 74 9 91 4914
C3540 10 72 18 82 4565
C5315 31 59 10 90 7030
C7552 14 73 13 87 8424
Average 23.0 64.625 12.375 87.625 4155

Table 4.12 Results of Experiment 2: one test for each fault; number of faults = 100; the
longest path delay is set as the timing criterion at POs.

Circuit Successful TG (%) TG ATPG TG
pate Detected | Undetectable | Aborted | Efficiency (%) | time (s)
(%)
C432 15 68 17 83 1167
C880 13 72 15 85 1664
C1355 6 71 23 i) 3403
C1908 15 70 15 85 2555
C2670 9 76 15 85 4870
3540 4 72 24 76 4661
C5315 12 74 14 86 7323
C7552 7 15 18 82 8481
Average 10.125 72.25 17.625 82.375 4265.5




Another experiment was performed to see the impact of skew on the detection rate
of crosstalk delay. The result is shown in Figure 4.17. A skew of 1 implies that the
transitions on the affecting and victim lines can be skewed for up to one gate delay, and a
skew of zero means that both transitions have to switch simultaneously. Figure 4.17
shows that as the skew increases, the detection rate increases because it increases the
search space for test vectors. However, if transitions are far apart from each other, then

there will be no crosstalk delay effect and hence the detection rate saturates.

| —— C432 %distected —— C5315 Y%dstected |
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Figure 4.17 Detection rate vs. skew between affecting and victim lines.

A crosstalk delay signal can create a timing violation if there is not sufficient
slack at the outputs. The following experiment was performed to study the amount of
extra delay slack need to tolerate crosstalk delay. The result is shown in Figure 4.18. The

amount of increased delay at a fault site is from 30-120%, and the transition time
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increases from 10-110%. Because signal delay is accumulated along propagation paths,
sufficient delay slack should be allocated at the outputs to avoid crosstalk slowdown
causing a timing violation. Figure 4.18 shows that for these example circuits with

crosstalk effects at least two and half extra gate delays should be used to ensure correct

circuit operations.
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Figure 4.18 Detection rate vs. extra delay slack.

The dependence of crosstalk delay on the coupling capacitance, the ratio of
affecting line to victim line driver strengths, and the signal transition times on primary

inputs are similar to those for crosstalk pulse.
In [65] it was shown that the timing ranges of large circuits may shrink as fast as
those for small circuits, even when only a small fraction of inputs are specified.

Performance of XGEN with and without incremental timing refinement is shown in Table

4.13 for corsstalk pulse and Table 4.14 for crosstalk delay. No timing criterion is set at
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primary outputs. Test targets are aborted if the number of backtracks exceeds 1000. We
can see that with incremental timing refinement the ATPG efficiency increases
significantly, because many objectives that are not achievable in timing-wise sense are
identified early in the test generation process and lead to a backtrack. Hence the search
space is reduced. For example, from Table 4.13 we found that incremental timing
refinement help our timing oriented test generation algorithm by reducing the search
space and so (1) find more detectable targets (the average detection rate is increased from
13.38% to 36.63%), and (2) identify more undetectable targets (the average undetected
rate is increased from 30.5% to 49.25%). CPU time is increased about 10 times in
improving the ATPG efficiency from 43.87% to 85.87%. Without ITR used, even the test
generation time is increased to 100 times, almost no improvement on efficiency was

observed.
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Table 4.13 Comparison of ATPG efficiency for crosstalk pulse with and without
incremental timing refinement; no timing criterion was set at POs.

Circuit Successful TG (%) TG ATPG TG
Name R SFRETETEE Aborted (%) Efficiency (%) T(i::;e
w/o ITR w/o ITR wlo ITR wlo ITR w/o ITR
ITR ITR ITR ITR ITR
C432 11 33 31 56 38 L 42 89 116 | 164
C880 16 41 38 46 46 13 54 87 134 | 1324
C1355 9 33 22 48 69 19 31 81 414 | 3866
C1908 14 50 33 34 53 16 47 84 346 | 2698
C2670 15 33 34 55 51 12 49 88 270 | 4542
C3540 7 29 24 49 69 22 31 78 492 | 4133
C5315 19 43 38 48 43 9 a7 91 177 | 7090
C7552 16 3l 24 58 60 11 40 89 502 | 7882
AVE. 13.38 | 36.63 | 30.5 | 49.25 | 56.13 | 14.13 | 43.87 | 85.87 | 307 | 4087

Table 4.14 Comparison of ATPG efficiency for crosstalk delay with and without
incremental timing refinement; no timing criterion was set at POs.

Circuit Successful TG (%) TG ATPG TG
Name TR TR Aborted (%) Efficiency (%) T(i:;c
w/o ITR w/o ITR w/o ITR w/o ITR w/a ITR
ITR ITR ITR ITR ITR
C432 12 35 3l 55 57 10 43 90 101 1019
C880 18 28 35 63 47 9 53 9l 86 1553
C1355 12 16 20 67 68 17 32 83 375 | 3173
C1908 17 33 33 54 50 13 50 87 204 | 2562
C2670 19 17 34 74 47 9 53 91 219 4914
C3540 8 10 28 72 64 18 36 82 457 | 4565
C5315 24 3l 37 39 39 10 61 90 154 | 7030
C7552 20 14 25 73 55 13 45 87 478 | 8424
AVE. 16.25 23 30.37 | 64.63 | 53.37 | 13.37 | 46.63 | 87.63 | 270 | 4155




Similar comparisons are performed for the case when the longest path delay is
used as the timing criterion at primary outputs. The results are shown in Table 4.15 for
crosstalk pulse and Table 4.16 for crosstalk delay. Again we see that the ATPG efficiency

increases significantly with incremental timing refinement implemented.

Table 4.15 Comparison of ATPG efficiency for crosstalk pulse with and without
incremental timing refinement; the longest path delay was used as the timing criterion at
POs.

Circuit Successful TG (%) TG ATPG TG
Name Terered rdetecabie Aborted (%) | Efficiency (%) T(i;'r)]c
w/o ITR | w/oITR | ITR w/o ITR w/lo ITR wlo ITR
ITR ITR ITR ITR
C432 4 ] 33 74 63 21 37 79 144 1246
C880 7 7 38 75 55 18 45 82 174 | 1648
C1355 5 5 23 70 72 25 28 75 483 | 3968
C1908 7 16 34 65 59 19 41 81 381 | 2508
C2670 7 7 35 72 58 21 42 79 310 | 4867
C3540 3 4 26 70 71 26 29 74 682 | 4614
C5315 10 11 39 74 51 15 49 85 441 | 7745
C7552 9 9 26 17 65 14 35 86 627 8651
AVE. 6.5 8 LS 72.13 | 61.75 | 19.87 | 38.25 | 80.13 406 | 4400




Table 4.16 Comparison of ATPG efficiency for crosstalk delay with and without
incremental timing refinement; the longest path delay was used as the timing criterion at
POs.

Circuit Successful TG (%) TG ATPG TG
Name Detected Undetectable Aborted (%) Efficiency (%) T(i::;c
w/o ITR wlo ITR w/o ITR w/o ITR w/o ITR
ITR ITR ITR ITR ITR
C432 5 15 32 68 63 17 37 83 138 1167
C880 9 13 40 72 51 15 49 85 112 1664
Cl1355 6 6 22 71 72 23 28 77 423 | 3403
C1908 9 15 34 70 57 15 43 83 354 | 2355
C2670 9 9 34 76 57 15 43 85 277 | 4870
C3540 3 4 30 72 67 24 33 76 539 | 4661
C5315 10 12 38 74 52 14 48 86 368 | 7323
C7552 7 7 26 75 67 18 33 82 512 | 848l
AVE. 7.25 | 10.13 | 32.13 | 72.25 | 60.63 | 17.63 | 39.25 | 82.37 | 340 | 4265

4.7 Summary

Crosstalk effects can have a significant impact on signal integrity and delay. To
ensure correct circuit operation, coupling effects, such as crosstalk-induced pulses,
slowdown and speedup, should be taken into consideration in validating circuit designs
and estimating the timing of critical paths.

In this chapter an algorithm to generate tests for crosstalk effects is proposed. This
algorithm not only considers noise effects such as speedup, slowdown and pulses as new
logic values, but also takes into consideration information such as finite noise energy and
input arrival skews to accurately characterize noise strength. The ATPG algorithm

utilizes conditions that help excite the maximum crosstalk effect and propagate the
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crosstalk signal to POs under desired timing requirements. In addition, this ATPG
algorithm includes the concept of gate delay, signal arrival time, signal strength and
rise/fall times. By using the path delay information obtained by circuit preprocessing
and/or the analog cost function, preferred paths can be selected during the backtrace and
propagation processes. Because the proposed algorithm implicitly explores all PI
combinations, it is beneficial to limit the search space to improve efficiency. A branch-
and-bound technique is proposed to reduce the search effort. Finally, while most ATPG
algorithms attempt to only satisfy a set of logical constraints, this algorithm also
maximizes an objective function. Experimental results show that the method can be

applied to selected crosstalk faults in circuits of reasonable sizes.

The proposed algorithm can also generate all tests for a crosstalk effect so that a
matching with functional tests can be performed to determine whether the functional tests

cover the tests for the crosstalk effects.

For crosstalk-induced delay, in our TG process a transition on the victim line is
created and propagated along a possible long path, and receives the largest amount of
crosstalk effect under certain timing requirements. From the point of view of both
crosstalk effect and signal propagation, the amount of delay imposed on the victim line
signal is maximized with respect to the given constraints. Hence the test vectors
generated can be considered as a complementary set of tests for the purpose of delay
testing.

The algorithm has been implemented, resulting in the program XGEN. XGEN

has been run on numerous examples and found to be accurate, effective and efficient.
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Chapter 5

Future Extensions to our ATPG

We have developed a mixed-signal test generation algorithm that will generate
test patterns for a targeted crosstalk effect. These test patterns, if applied to a circuit.
would generate the largest possible crosstalk effect (pulse or speed-up, slow-down) at
amemory device or a primary output, i.e., maximize the probability of creating an
error. The current version of the algorithm employs macromodels for primitive CMOS
gates for the case when only a single crosstalk effect can be excited. In the future, it is
possible to extend our test generation framework in several ways to improve and/or

optimize the test generation process.

The ideal of improvement is to extend the capability of our current test generator
framework to deal with more general CMOS gates, different types of logic elements
including dynamic gates and latches, and multiple crosstalk effects. In addition. we

include the discussion of techniques to automate the process of target fault extraction.

5.1 Extension to general gates

Our current generation TG can deal with any circuit contains primitives such as

AND. OR, NAND, NOR and NOT gates. However, both system blocks and custom-
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designs may contains other elements such as complex gates, dynamic gates and latches.
Additional macromodels can be developed to enable propagation of crosstalk effect via a
wider range of circuit elements, such as complex COMS gates, dynamic gates, and
latches, and under a wider range of conditions, such as crosstalk pulses at multiple-inputs

of a circuit element, and simultaneous presence of crosstalk pulse and delays.

5.1.1 General CMOS gates

For general CMOS gates that have series and/or parallel connected networks, by
using an approach similar to the one for improving MOS macromodel accuracy [28].
extension of our work can be achieved by considering transistors as conducting resistors
and combining them (using effective conductance P or a scaling factor) into one or
more equivalent devices connected in series. That is, given an input pattern, the complex
gate is first mapped into an equivalent NAND gate, and then the NAND gate can be
processed using the approach described in Chapter 3 to further reduce the NAND gate
into an equivalent inverter. The key issues here are the number of switching inputs and
their switching times. Several waveform representation techniques for overlapping inputs
are presented in [26], [29], [45]. By applying these techniques, multiple switching inputs
can be reduced to one equivalent input with an effective switching time. Once reduced to
the single switching input case, nMOS transistors with a “1” at their inputs can be treated

as resistors and collapsing them is straightforward.



In addition to complex gates, macro-models of commonly used custom-design
elements such as full adders, MUXes, and bi-directional buffers may also be developed.
These elements either contain circuit structures where the above-mentioned collapsing
techniques cannot be applied, or they are used in a repetition way so that modeling them
as an entity can improve efficiency. One approach to solve this problem is to develop a
strategy for a simple N-port general network and apply it to these elements. The N-port
general network provides a transfer function template, and for each element different
requirements and conditions may be imposed for its individual functionality. Hence for
each element we expect to obtain the corresponding impulse transfer function that can be
used in our analytic approach. Details of the N-port general network and properties of

different circuit elements needs further research and investigation.

5.1.2 Dynamic gates

Circuits often contain dynamic gates. The use of dynamic gates introduces new
issues to be considered. Consider the circuit shown in Figure 5.1(a) where G is a gate. X is
the input and y is the output. If the gate G is complementary (Figure 5.1(b)), then the
output crosstalk manifests as a pulse as shown in Figure 5.1(c). On the other hand, if a
dynamic gate is used such as the one shown in Figure 5.1(d), then the charge lost will not
be restored and the same input crosstalk effect manifests as a degraded voltage (Figure
5.1(e)). While a crosstalk pulse must be propagated to a memory element before it can be

treated as a permanent Boolean error, the degraded voltage can be a Boolean error by
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itself if the voltage drop is sufficiently large. This difference will result in the
consideration of additional factors for the selection of propagation path in the test
generation process. In addition, the output of a dynamic gate can change only in the
evaluation phase and it always is a falling transition. These also introduce timing and
signal transition direction constraints into the propagation of crosstalk effect in the

analytic models.

(b) (c)

—|
X1
L

(d) (e)

Figure 5.1 Crosstalk effect on static gate and dynamic gate: (a) a basic gate G; (b) gate G
implemented as a static gate; (c) corresponding input/output pulse waveform for (b); (d)
gate G implemented as a dynamic gate; (e) corresponding input/output pulse waveform for
(d).

Our current analytic models can deal with static CMOS gates whose outputs are
allowed to have both rising and falling transitions. To take into consideration dynamic
gates, one approach is to add additional timing mechanism to consider clock phases and

modifying the analytic noise evaluation procedures used in our models. The clock-phase
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problem can be approached by using an additional reference time index to indicate how a
crosstalk pulse aligns with a clock edge, i.e.. how much of the waveform falls within the
evaluation phase. For a degraded output waveform, the computation of the output
waveform can be easily achieved by removing the restoring constant (or pull-up resistor)

used in the analytic procedures.

5.1.3 Latches

For circuits that contain latches there are several new issues to be considered. For
example, consider the circuits shown in Figure 5.2. Figure 5.2(c) shows a crosstalk pulse
on the line D and its relative position with respect to the clock transition. If the latch is
dynamic, as shown in Figure 5.2(a), then the severity of the effect is proportional to the
area of the pulse that is shown shaded in Figure 5.2(c). Note that the effect of the pulse
can be severe, even if the pulse amplitude is not very high, i.e., provided that the area of
the shaded region is large. On the other hand, if the latch is static, as shown in Figure
5.2(b), then to create a Boolean error the amplitude of the pulse must be large enough to
overcome the feedback provided by the weak inverter in the latch. Hence for different

latch designs, there are different criteria for noise to lead to a Boolean error.



Figure 5.2 (a) Dynamic latch, (b) static latch, (c) crosstalk pulse.

Since a static latch has an internal feedback path, it may be necessary to consider a
latch as a single entity instead of regarding it as a chain of gates. For example, consider
the cross-coupled inverter latch shown in Figure 5.3 where a pulse is injected into the
series-voltage source. In the latch’s initial state, node A is low and node B is high.
Simulation results show that the latch is stable until the noise amplitude reaches 1.83V
(Vpp = 3.3V), and after that the value of A’ switches. But the noise stability model for
gatel has a stability threshold of 1.46V, i.e. for a single gatel, a noise amplitude of 1.46V
can make the output of gatel switch. The difference in noise tolerance implies the
conservative nature of the current approach that deals with one individual gate at a time,
instead of considering the relationship between gates, such as a feedback loop forming a
latch. This pessimism may introduce excessive false alarms in design validation.

A

gatel gate2
A B II:

Figure 5.3 A cross-coupled inverter latch.




We propose two ways to address this pessimistic approach. The first way is a
simple 1st-order approximation of the difference in noise tolerance. This can be achieved
by using an empirical scaling constant (for example, 1.83/1.46 = 1.253) to adjust the
noise tolerance threshold. Then the latch (two gates in the above example) can be
considered as a single entity where pulses having an amplitude greater than 1.83V will
flip the output value, while pulses smaller than 1[.83V can be ignored. The second
approach is to consider a latch as a loop of gates as in Figure 5.3. Since gate2 actually
works against the input pulse, the strength of the corresponding transistor that fights
against the pulse in gate2 is computed and added into gatel’ pull-up strength when
applying analytic models to solve the pulse response at gatel’s output. Similarly, when
computing pulse propagation from point B to A’, the same procedure can be again
performed. Details of the transistor strength conversion and feasibility of this approach

need further investigation.

5.2 Multiple crosstalk effects

In our work the cross-coupling is assumed to occur between one affecting line and
one victim line. In reality the coupling effect can have more complicated scenarios such
as a) multi-way crosstalk, where n multiple lines are coupled to a single victim line, and
b) multi-level crosstalk, where several victim lines along a circuit path are coupled with
one or more lines in their vicinity and crosstalk effects accumulate. Additional

macromodels need to be developed to capture these crosstalk scenarios.
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5.2.1 Multiple-way and multiple-level crosstalk

In the multi-way crosstalk scenario, shown in Figure 5.4, several couplings may
results in multiple crosstalk pulses on the victim line. The generalization to more
affecting lines is obvious. One approach to this problem is to characterize and estimate an

“effective” pulse that is equivalent to these multiple pulses. The victim line in Figure 5.4

can be modeled as shown in Figure 5.5.

L

Figure 5.4 A1-A2 are affecting lines and V is the victim line

driver

H\}e}g&'\i Rdriver + Rllne recelver
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Figure 5.5 Victim line circuit model for multi-way coupling; C,; and C,; are coupling
capacitance to A1 and A2; t,; and t,; are switch times of signals on A1 and A2, respectively.

As shown in Chapter 2, the slope of the affecting signal has a significant effect on
the noise. Traditionally this multi-way effect has been dealt with by selecting the fastest

transition at the affecting signal and lumping all the coupling capacitance together. This
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results in an overestimation of noise strength, especially when affecting line signals are

skewed. In real circuits, several affecting lines can switch at different times and rates.

The basic idea is to utilize the principle of superposition. With sufficiently wide

overlapping windows, different affecting lines can switch as shown in Figure 5.6. We can

divide the switching time into several sections. For example, from Figure 5.6(a) in the

first time slot I the affecting line Al is switching while A2 is static. In time slot II both

signals are switching. In slot IIl Al has finished switching while A2 is still in transition.

In slot IV both have completed their transitions. The generalization to more signals is

obvious, but in practical we may need to lump signals into slope categories (slow,

medium, fast, etc.) to get around a potentially large number of time sections. With these

time partitions, a first-order approximation of crosstalk waveform can be obtained as:
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where Rigai, Crmj. t are shown in Figure 5.5, Ciot = Ciine + Y, Cpyj, and tgy is the

start time of section IV.

146



| I [11 IV

Real
response

Tr1

Tr

/

linear
approx.

(a) (b)

Figure 5.6 (a) Different affecting signal slopes; (b) piece-wise linear approximation of pulse
waveform.

Applying this multi-slot exponential waveform to the transfer function of the
receiver does not lead to a simple analytic result. Therefore we propose a piecewise linear
approximation by making a line go through two endpoints of each waveform section as
shown in Figure 5.6(b). This approach may give a sufficiently accurate result. A further
simplification to the approximation piece-wise linear waveform is to take the average of
the approximate slot slopes. This can significantly reduce the complexity by represent the

pulse waveform as was done in Chapter 3.

If the pulses on the victim line do not overlap, then the above approximation is
not applicable. An alternative for this situation is to deal with each individual pulse
separately and then estimate the total effect at the receiver output. The previous approach
for overlapped pulses is to “lump™ the input pulses first and compute the output response.

and the later approach for non-overlapped pulses is to “lump” the several output
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responses due to multiple input pulses into one output signal. Since in the second
approach the output responses are now “overlapped”, then the first approach can be
applied to combine the output responses into one approximated pulse. For the second
approach a “signal queue” for each line has to be maintained. Although the complexity
increases, with this signal queue we can not only consider multiple pulses but also take
into consideration the dynamic glitch case, i.e., a pulse followed by a transition or vice
versa, which is simplified as a transition only in the current version of test generator.

Details of the second approach need further analysis.

For the multi-level crosstalk scenario, multiple coupling can occur across several
logic levels and noise effects are accumulated along a victim “path” as shown in Figure
5.7. Depending on the type and timing of a noise effect, the noise can be increased or
decreased by the various affecting signals. Since pulses at each logic level can be
computed and propagated separately, by applying superposition principle the
accumulation of noise effects can be dealt with in a way similar to that of multiple-way

coupling.
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Figure 5.7 Example of multiple-level coupling: a victim “path”.
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Our current test generation framework processes only one affecting and one
victim line. To deal with multiple affecting or victim lines, additional techniques needs to
be developed. Since it is almost impossible to satisfy all requirements for all affecting and
victim lines, the issue for test generation is how to select affecting/victim lines such that
the coupling effects can be maximized and propagate the crosstalk effect to a primary

output maximally.

For the case of multiple-way coupling (multiple affecting lines to one victim line),
there are three heuristic approaches: 1) select the affecting lines in the order of their
coupling capacitance; 2) select the affecting lines in the order of the sizes of their input
cones, meaning, the number of primary inputs supporting them; 3) a weighted approach
combining both 1) and 2). The idea behind the first approach is straight-forward, namely,
we try to activate as many large coupling effects as possible. However, there is a chance
that selecting the affecting line with the largest coupling capacitance may block the
activation of other affecting lines and results in a smaller overall coupling effect.
Therefore an alternative approach, the second approach, provides the idea of selecting the
affecting lines according to the sizes of their input cones. Ideally speaking, selecting the
affecting lines in this manner may increase the possibility of satisfying more affecting
lines, namely, more coupling effects can be accumulated. However, it is also possible that
the affecting lines with large coupling capacitance are not selected (because of existing
assignments for satisfying previous affecting lines), and results in a smaller overall
coupling effect. Thus a combination of approaches may be useful, ie., a weighted
technique for achieving maximum coupling effects. In this way, each affecting line is
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associated with two sets of parameters: the coupling capacitance and the set of primary
inputs supporting its input cone. The user can assign different weights to each set of

parameters.

For the case of multiple-level coupling, the problem becomes more complicated
since each level of coupling can already be a multiple-way coupling. Therefore, while
trying to obtain a maximal coupling effect for each level, it is important to take all levels
of couplings into consideration to achieve an overall maximum. One heuristic approach is
first to find the local maximum coupling effect for each level using the approach for
multiple-way coupling. Then each level of coupling can be associated with two sets of
parameters: the amount of its local maximal coupling effect and the set of primary inputs
needed to achieve this effect. Similarly, this can be mapped into the technique for solving
multiple-way coupling (or the channel routing problem). Since this approach is greedy in
nature, further study is necessary to obtain results that are close to optimal, i.e., maximum

overall coupling effects.

5.2.2 Static glitches

A circuit is said to contain a hazard if there exist some possible combinations of
values of delays and input transitions that will produce a glitch. Our current test generator
can accept hazard-free circuits as inputs and generate tests for them to detect crosstalk
faults. Since glitches created by signal skews are also pulses, we would like to extend our
work to be able to deal with these cases.
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Because of the existing capability of dealing with pulse inputs in our analytical
models, one possible approach in considering static glitches as a source of pulses is to
transform the skewed input signals into a virtual, or effective. input pulse. Then we can
apply the same techniques described in Chapter 3. The idea is illustrated in Figure 5.8.
Figure 5.8(a) shows an ideal situation to create a static glitch at the output of a NAND
gate with two skewed input a and b, and Figure 5.8(b) is the transistor diagram for the

NAND gate.

In reality signals are not step functions. Hence a more realistic case with two
skewed and overlapping signals a and b is shown in the leftmost figure in Figure 5.8(c).
As we can see the discharge current is always limited by the smaller input voltage applied
to the transistors. That is, in section I the discharge current is limited by the amount of
current allowed by transistor M1 because of the smaller voltage value at the input b. In
section II the current is limited by transistor M2 for the same reason. Assume that M1 and
M2 are the same size, as is usually the case. Since in section I transistor M2 is more
“ON” than M1, the bottleneck of the current flow is M1. Since input b is a rising
transition, the equivalent effect is that the NAND gate is turning ON, i.e., discharge
current is increasing. On the other hand, in section II the transistor M1 (input b) is more
“ON” than M2 (input a), and hence the bottleneck of the current flow now becomes M2.
Since input a is a falling transition, the equivalent effect is that the NAND gate is turning

OFF. i.e.. discharge current is decreasing.
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Figure 5.8 (a) Creation of a static glitch, (b) transistor diagram of a NAND gate, (c)
creation of an equivalent input waveforms

Therefore, the “virtual” effective inputs applied to the NAND gate can be
regarded as the case shown in the middle of Figure 5.8(c), where the solid line curve
serves as the pulse input with the equivalent effect of skewed signals. Since the dashed
line (input a’) is not the controlling voltage of the discharge current, conceptually it can
be further simplified as a stable “1”". Thus, the equivalent input signals to the NAND gate
are transformed into the case shown in the rightmost picture in Figure 5.8(c). This
approach transforms the skewed input signals that create a static glitch into the case that
one input is a pulse and the other is a stable 1. Hence we can apply the same method used
in Chapter 3 to compute the output response.

Because the output static glitch is now modeled as a pulse, the interaction between
static glitches and crosstalk pulses can be dealt with using the same techniques described
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for multiple-crosstalk effects. In addition, the model described in this section can also be
used to deal with the case when multiple pulses appear at the inputs of a gate. In such a
case, one can apply the technique shown in Figure 5.8 to obtain an “effective™ input pulse
and then compute the corresponding output response. Details of this approach need

further analysis.

5.3 Target fault extraction

A target fault site is a circuit location where the crosstalk effect is significant. The
objective of this task is to identify a list of crosstalk sites to be targeted and to develop
low-complexity procedures to identify parts of circuits where detailed extraction and test

generation must be performed.

Extractors that analyze the 3-dimensional structure of a VLSI layout are used by
designers to obtain a detailed and accurate circuit model (including parasitics) for
simulation. These models are then used by simulators to identify problems associated
with various types of crosstalk. To deal with various effects caused by small feature sizes
and their proximity, accurate circuit extraction tools usually employ high complexity
techniques that typically solve field equations with appropriate boundary conditions.
Consequently detailed extraction cannot be applied to an entire chip, and circuit designers
often have to manually identify parts of circuits for accurate extraction. That is, areas of a

circuit targeted for crosstalk analysis are selected manually. Since crosstalk is a global



phenomenon, i.e. it deals with large circuit structures, it may be necessary to develop a
new approach to identify areas of a circuit that may have potential crosstalk faults.

The proposed research will automatically identify an initial list of crosstalk sites
to be targeted for test generation. The approach will begin by using information about
timing (delays, rise/fall times, slack), types of logic (static or dynamic), device sizes,
noise threshold of latches, and first-order layout parasitics to identify an initial list of
crosstalk sites. Those targets for which the probability of a logical error is determined to
be low will be eliminated. For the remaining targets, adaptive techniques can be
developed to perform increasingly more accurate extraction. test generation, and
simulation-based validation on increasingly larger regions of a circuit surrounding the site
of a target to be validated. As the test generation process proceeds for a given targel. new
line values are specified and gates and wires are added to the active part of the circuit
under consideration. This information can be fed back to drive another more detailed
extraction process. The new extracted values are then fed to the test generation system
and used to either prune certain branches or continue the search in a new direction. Thus
the level of extraction depends on the need and is dynamic. This will help decrease the
time required for extraction, validation, and test generation for crosstalk. It will also
enhance the quality of validation and tests generated since it will use accurate extraction
in all parts of the circuit where it is required, instead of in only the parts identified by the
circuit designers.

The key issues that will be considered during this development are the

identification of the computational complexity of extracting certain circuit parameters, the
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space complexity of the resulting circuit models, and their impact on the accuracy and

complexity of validation and test generation for crosstalk.

Once proper circuit extractions are available, a layout scanning and filtering
mechanism to automatically identify potential crosstalk fault sites can be developed. For
instance, in the following example we will illustrate a simple mechanism to locate
possible crosstalk fault sites. Consider the circuit shown in Figure 5.9. The input to the

affecting line is a ramp signal with rise time t;.

1

-

Figure 5.9 Crosstalk circuit with a ramp signal at the affecting line with rise time t,.

By applying the procedure described in Chapter 2, we can obtain the waveform of

the crosstalk pulse at the victim line as:

R,C.V
V(1) = 22700 (v 4 g.07%" —7,87), fort<t, (5-1)
0'r
V,(t)= ﬂ%{ﬁe‘”" [1- er,/r. ]- rze“”" [1- el/n L fort>t. (5-2)
0%r
where

T, = \/[R,,(Ga +C,)+R,(C,+C,) -4R,R,(C,C, +C,C, +C,C,)),

__2R,A(C,C,+CC,+C,C,)
' [R(C,+C,)+R,(C,+C,)+7,
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_ __2R.R(C,C,+C.Ch+C,C))
. [Ra(cil +Cm)+ﬁv(cv +cm)]_'TD -

The peak voltage of the pulse can be obtained by differentiating equation (5-2)
and solving it for the peak time, and then substitute the peak time back into equation (3-

1). Hence we obtain the maximum pulse amplitude as

vmax TU ] I_er,,’r, T e:,,f,-!

i PHamea i Pera

Vg = Vo0 {rl[l—e””'][l_e } —rl[l—e"""’][—l_e } Y. (53)

The circuit can have a potential error if Vi is greater than some value. For
example, if Vym is larger than the inversion voltage of an inverter (i.e. approximately
0.5Vpp), than the output of the inverter can have erroneous switching. On the other hand,
if the pulse is applied to a dynamic gate, then the evaluation network may be accidentally
turned ON and start to discharge the output if Vymay is greater than the threshold of a
transistor and has sufficient duration. Therefore the threshold for creating an error can
vary for different style of gates, and hence can be set as a variable, say E;. Hence the

criteria function for a potential error is Vymax 2 Euw.

R, and R, are resistors that are used to approximate the conducting channel of
transistors. R, (or R,) can be expressed as:

- P
) (I#Cm(W/L)VDD

L}

where o is a constant, [t is the electron mobility, Coy is the gate capacitance per

square, W is the channel width, and L is the channel length.



In equation (5-3), all parameters (R, Ry, C, Cy. and Cy,) except t, can be extracted
from the layout. Setting t, to a constant, by scanning a layout and using the criteria
function we can identify possible locations that have potential crosstalk. If timing
information, such as t; is available, then this can be used to locate crosstalk sites with

more accuracy.

A more complex version of the crosstalk-site extractor can be developed by
adding more constraints and information such as signal timing (arrival time, rise/fall
time), type of logic used in the circuit design, device sizes (driver strength ratio),
,parasitics (coupling capacitance, load capacitance) and the propagation probability

through paths towards primary outputs.

5.4 Summary

For the analysis of more general gates, we could develop macromodels to include
commonly used latched and primitive dynamic gates. Also new noise approximation
techniques need be developed for multiple crosstalk effects. In addition, to efficiently and
accurately identify target crosstalk sites, we need to develop techniques that will

eliminate sites that certainly can not lead to a crosstalk error.
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Chapter 6
Conclusions

Crosstalk effects can have a significant impact on signal integrity and delays. To
ensure correct circuit operation, coupling effects, such as crosstalk-induced pulses,
slowdown and speedup, should be taken into consideration when validating circuit
designs and estimating the timing of critical paths.

The objective of this work is to develop a general methodology to analyze
crosstalk and generate tests for crosstalk effects that are likely to cause errors in high
speed VLSI circuits. We studied crosstalk due to capacitive coupling between a pair of
lines. Closed form equations were derived quantifying the dependence of pulse attribute
on the values of circuit parameters and the rise time of the input transition. These
expressions show that the severity of the crosstalk pulse is directly proportional to the
coupling capacitance and the ratios of the strengths of the drivers driving the two lines,
and inversely proportional to the load capacitance on each line. These facts can be used to
identify pairs of circuit lines where crosstalk may be significant and hence should be
analyzed explicitly. Further, it is shown that while the maximum amplitude of the
crosstalk pulse diminishes rapidly as the rise/fall time of the input increases, the energy of
the pulse is almost independent of the input rise/fall time for a realistic range of rise/fall
time values. If the rise/fall time of the input to a candidate pair of lines is known to be

large, then it may not be necessary to analyze the effect of crosstalk. We also studied how
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crosstalk causes speedup/slowdown when signals change in the same/opposite directions.
Qualitatively, the dependence of slowdown and speedup on circuit parameters is similar
to that observed for crosstalk pulses. Also, it was found that the faster the transition on
the affecting line, the greater is the slowdown on the victim line. Finally, it was found that
the skew required for the maximum crosstalk slowdown to occur is proportional to the
ratio of the drivers driving the two lines. If the drivers are the same size, crosstalk
slowdown is the highest when both inputs have simultaneous transitions. The magnitude

of slowdown decreases as the skew between the input transitions increases.

The crosstalk effect was shown to be significantly aggravated by variations in the
fabrication process. The significance of the process variations necessitates the
identification of new design corners for validation. From the technology scaling trends,
for future technologies the aspect ratio of and spacing between wires are increasing such
that the capacitance between metal wires on the same layer exceeds the interlayer
capacitance. Since there is a high likelihood of having long parallel wires on the same
layer, we believe the effects of crosstalk will be more severe. Finally, the results of our
analysis provide conditions that must be satisfied to detect errors caused by crosstalk by a
sequence of vectors used for validation as well post-manufacturing testing. For example.
it shows that a sequence of two patterns must be applied to cause nearly simultaneous
transitions in opposing directions to invoke worst case crosstalk slowdown. The resulting
slowdown must then be propagated along paths to circuit outputs that have low values of
slack. The application of a test sequence that satisfies these conditions will identify
devices with excessive crosstalk slowdown. Note that traditional path delay testing tests
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for excessive delay along logical paths in the circuit, while here excessive delays are
caused by coupling between logically unrelated paths. In a similar manner, the above
results provide conditions that a sequence of patterns must satisfy to detect errors caused

by crosstalk effects.

Several new techniques have been developed so that our ATPG algorithm can
efficiently and accurately generate tests for what is essentially an analog effect, namely
crosstalk noise. These techniques include new models for a CMOS inverter, methods to
calculate inverter output response for pulse inputs, a method for collapsing CMOS gates
into equivalent inverters, and a piece-wise linear model for pulses. These techniques were
integrated into a test generation framework that takes into account several new attributes,
such as noise strengths and signal arrival times, and identifies test patterns that maximize
crosstalk noise at POs while satisfying a given set of Boolean constraints. This algorithm
not only considers noise effects such as speedup, slowdown and pulses as new logic
values, but also takes into consideration information such as finite noise energy and input
arrival skews to accurately characterize noise strength. The ATPG algorithm utilizes
conditions that help excite the maximum crosstalk effect and propagate the crosstalk
signal to POs under desired timing requirements. In addition, this ATPG algorithm
includes the concept of gate delay, signal arrival time, signal strength and rise/fall times.
By using the path delay information obtained by circuit preprocessing and/or the analog
cost function, preferred paths can be selected during the backtrace as well as propagation
processes. Because the proposed algorithm implicitly explores all PI combinations, it is
necessary to limit the search space to improve efficiency. A branch-and-bound technique
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is proposed to reduce the search effort. Finally, while most ATPG algorithms attempt to
only satisfy a set of logical constraints, this algorithm also maximizes an objective
function. In short, our ATPG employs mixed-signals with the capability to deal with
signal timing and is optimization-oriented. Experimental results show that the method can

be efficiently applied to selected crosstalk faults in circuits of reasonable sizes.

The proposed algorithm can also generate all tests for a crosstalk effect so that a
matching with functional tests can be performed to determine whether functional tests
cover the tests for the crosstalk effects. Thus we only need to employ tests for those
crosstalk effects that are not detectable by conventional functional tests. In addition, the
test vectors generated can be considered as a complementary set of tests for the purpose
of delay testing. In our TG process the transition on the victim line is created and
propagated along a possible long path, and receives the largest amount of crosstalk effect
under certain timing requirements. From the point of view of both crosstalk effect and
signal propagation, the amount of delay imposed on the victim line signal is maximized
with respect to the given constraints. Thus the path delays excited by our tests for
crosstalk-induced delay are different from those of robust delay tests and can be used to
validate signal delays for timing purpose.

The tools and techniques developed can be integrated into the design phase to
validate and test for crosstalk. For example, our analytic results can be used to identify
pairs of circuit lines where crosstalk may be significant, and thus be dealt with by a
circuit designer. One option is to redesign parts of the circuit to drastically decrease the

probability of the effect causing an error. Redesign may be very expensive because of its
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impact on the product design schedule and/or the inability to meet aggressive design
objectives. In such a case, one alternative approach is to ignore the crosstalk effect but
generate tests to detect it if it occurs. The resulting tests can be appliedto each
manufactured chip, and chips in which the effect does not cause any error will pass and
will be shipped to customers; chips where it causes anerror will be discarded. By
providing such an alternative, our results and ATPG system will allow a circuit designer
to decide to eliminate crosstalk effects that are likely to cause logic errors via redesign or
ignore them until post-manufacturing testing. In this manner, a designer can make
decisions on the basis of the economics of each redesign on the one hand and the cost
of testing and loss of yield on the other. Such a choice is often made in favor of living
with the flaw when there is a time to market issue, and the design change can be handled
in a future release. In summary, the main benefit of this work is a greater understanding
of the impact of crosstalk effect on high speed circuits, and by being able to detect
crosstalk faults, fewer faulty chips will produce a false positive test response and hence

the defect level of chips will be enhanced.
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Appendix A

Approximation for Crosstalk Pulse Amplitude

In Chapter 2 we derived a expression for a crosstalk pulse, namely

C 1/x it 1/x i 1/x i
V() = —2[ e e + e ]
R,C, (w+1/x)(w—u) (u+1/x)(u—w) (w+1/x)(u+1/x)

To find the maximum amplitude one can differentiate the above equation and set

the result to zero. Differentiate the about equation we get

, C 1/x 1/x a 1/x’ P
Vi) =—2— we" + ue" — e
R,C,(w+1/x)(w—-u) (u+1/x)(u—w) (w+1/x)(u+1/x)

Since this expression contains three exponential terms, it is very difficult to find a
closed-form expression for the amplitude. Hence we expand the exponential terms by
using the Taylor series expansion. The most important process in the Taylor series
expansion is finding the expansion center, to, where the approximation error is minimal.
Since we know that the time when the maximum amplitude of the pulse at V occurs will
not be earlier than when the step input is applied, and is near the time when the affecting
line finishes its transition, one can empirically derive the following expression for the

expansion center,

ty =& Ly (1= ")+t

step *
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where & is an empirical fitting constant (typically it is 1.2), and tsiep = In(uW/w)/(w-
u) is the time when the maximum amplitude occurs for the case of a step input.

As the time constant x decreases to 0, ty monotonically decreases 1o lyep. AS X
increases, the expansion center ty increases. The useful range for this approximation for
time constants is from 0 to 250 ps, which includes the range of rise/fall times in todays
technologies.

By expanding the expression for the crosstalk pulse into a Taylor series, we get

2wy

C 1/x - i w-e 2
V. () =—2= we"" +we " (t—t,)+——(t—1,)")
e (0 Rp,Cl[(w-H/x)(w—u) ( t=t) 2 !
+ W u(e"" +ue"™ (t—t,)+ (t—=ty))
(u-+1/x)(u-—w)
Levlofx
1/x* w] :

- el e (- ty) + 2——(t—ty)’].
(w +1/x)(u +1/x) X ¢ 2 ’

This expression becomes a polynomial equation and can be solved directly to find

the time (t,) when the maximum amplitude occurs, namely

E iy € s

W, 2 wiloy (1o 2, T mlglx g/ X
- Awe"" + Aw"e" "1, — Bue"™ + Bue"™1, x_e tze ly F-G-H
t, = - > = : A
) An}lew-r,, + Buien-ra _E_e-l[,.f.r X
X
where
1/x 1/x 1/x*

SO B= u C= .
A (w+ 1/x)(w —u) Y (u+1/x)(u—-w) ’ (w + 1/x)(u+ 1/x)

F a _C?.el':uf.l’l ___Azwzewz-r’uxz 4 ?.Awel‘hrux?'BMe"'I“ +2Awen‘fuxce—l(,/.\' .
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—Ig/x
2 2 To .

G = B " x* + 2Bue" " xCe™'* = 2Aw*e" " x*Be" ™ + 2Aw’e"" x*Ce
and

H=2Bu’e""x*Ae"™ +2Bu’e""x*Ce™'* +2Ce™"* Ae"™ +2Ce™*Be"™ -

Then the maximum crosstalk amplitude is obtained by substituting t, back into the
crosstalk pulse equation

C 1/x - 1/x " 1/x e

= m

Vv = [ e+
pimax Rplcl (W+IJ'X)(W_ u) (L1+].J"X)(U" w) (W+1/X)(U+ UX)

To find the energy enclosed in the pulse, one can integrate the expression for the

pulse waveform from time 0 to infinite and obtain the following expression

C, T 1/x wi 1/x " 1/x i
Energy = J.[ e’ + e ¥ e =kt
R[,,Cl o (W +1/x)(w—u) (u+1/x)(u—w) (w + 1/x)(u + 1/x)
| =, 1/x M 1/x _ 1
RF,[Cl ww +1/x)(w—u) u(u+1/x)(u-w) (w-+1/x)(u+1/x)
I
wuR ,C, .

From this expression we can see that based on the approximations made. the

energy contained in the pulse is independent of x.
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Appendix B

Derivation for Crosstalk Delay Expression

From Figure 2.8, to solve for the voltage on node A, we first consider the low pass

circuit composed of the pulling resistance R;,; and the equivalent impedance Z.q. We get

1
Z.
A(s) = —2 ‘l'" , where
5+
Rplzrql
1
ol = Al 1 [sA(s)C, +C,)—-sC, V(s)-C, - c,l.

Since the input signals applied to the circuit are exponential waveforms, from the

discussion in section 2.4.2.1, we have the transfer function

|
R .Z 1 1 1 1/x | 1
H, =H,, ‘H, =—2"" (-~ = H e
Aexp AN, Ay 1 ( $ S+1/.\') [( | )(S+1/X) S+1/X] S
s+ Sb———
Rplzml Rpizr.'ql

where the term —1/s indicates that before time 0 the voltage on node A is stable “1°.

However, since the input at A is skewed in time by z units with respect to V, the

corresponding Laplace transformation for A becomes



1 1/x 1 -z e 1

S)= + el‘_—_-}-_‘

Aals) = 1 )(s+l/x) s+I/.\‘] s s
R,Z

pl—eql

where the terms (-e**/s+1/s) accounts for the boundary condition that the initial
values on node A is ‘1’ between time 0 and z.

Similarly, to obtain the expression for node V we solve the low pass network

consisting of Ry; and Z.g; and get

1
p..zt'qE
V(s) = 3 , where
s+
R .Z

g

A, €
"V(s) sV(s)

Zcql = Cm e Cr - C

Again applying the input transformation as in section 2.4.2.1, and we get

1 1
R;'_;Z‘. 2 1 1 1 R,-,Z‘, 2 l/ y
Valehm—E e ey
o s+1/y S oy s+1/y
Rp lzr'q 2 Rp 2Z¢'q 2

By solving the above system of equations, we obtain

lfx 1 - 1 I/Y l E-sz

A (s)= Atc 4 sz 4 1 i
wif =1 SP(S)(s-H/x) s+1/xle szcl (s—w)(s—u))(s-f-l/y +[s+ S 182
1y C 1 1/x

VS (S) = Vﬁlc (S)( ) - = ke 5 h
d s+ lly (R,ﬂC. (S—W)(s—11))(s+11x)e WHTE
1 c, +C
A\'le; (5) = s + | = .
. (s—w)(s~u)( R,,C, ) . and



errp (-Y):i" 1 § & C"' +C“
s (s—w)s—u) R ,C,

)

pl
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Appendix C

Approximation of Skew for Maximum Crosstalk Delay

Crosstalk can significantly affect the delay of a logic gate. If both affecting and
victim lines have signal transitions, an increase or decrease of the gate delay may be
observed. By using the analytical expression derived in section 2.4.2.2, we found that if
the drivers of the affecting and victim lines have the same size, the maximum delay is
obtained if simultaneously transitions occur. But if the derivers are unbalanced, then there
exists a non-zero skew between the transitions on the affecting and victim lines for which
the maximum delay occurs, as shown in Figure A. 1. Here the affecting line driver
increases by 2, 4, and 10 times of its original size. The original balanced driver size is
16u/0.35u PMOS and 8u/0.35u NMOS, C,, =120fF, C, = 150fF, and C, is not constant

value because the capacitance increases with the driver size of the affecting line.

To determine the value of skew that maximizes crosstalk delay, one can solve the
analytical equations derived in section 2.4.2.2. However, since the expressions contain
several exponential terms, and some of them also have a shift in time, it is very difficult
to find a close form expression. Therefore we try to approximate the skew by curve
fitting. From Figure A. 1 we can observe that the value of the maximum delay tends to
saturate as the driver ratio (affecting to victim line driver size) increases. Hence the skew
associated with the maximum slowdown is approximated by an exponential function
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“mx

=5 -l
- U‘ —€ ) E [pmi:

-k, where r is the ratio of the drivers, k; is a empirical constant, and

tpeak 18 the time when the pulse at V due to A is maximum for the balanced driver case.

Zmax 18 approximately equal to tpe k) for large driver ratios, and is zero if the drivers are

the same size. In this example, tp.y is approximately 70ps and k; = 0.606.
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Figure A. 1 Increased delay vs. driver ratio.
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